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ABSTRACT

Power converters are a fundamental part of any system that seek to trans-
fer electrical energy from one voltage domain to another. Traditionally, the
power converter required bulky off-chip power switches to maintain accept-
able efficiency which resulted in them occupying a significant portion of the
total system volume. As these systems evolved to reduce in volume the corre-
sponding power converters needed to adapt by improving both power density
and efficiency. This eventually led to the integration of power switches along
with the control circuitry on a single die. This integration presented unique
opportunities and challenges from a power converter perspective which has
resulted in a renewed focus on integrated power converters.

The various DC-DC power converter topologies can be broadly categorised
into two classes: switched-inductor and switched-capacitor types. Generally,
the switched-inductor type is more suitable for power levels of the order of a
few watts or higher, while the switched-capacitor type is more suited to low-
power applications of a few hundred milli-watts. Recently, a third category
has emerged: hybrid converters which tries to combine the advantages of both
the aforementioned categories. The relatively new type of power converter
primarily aims to improve power efficiency by easing the trade-off between
switching and conduction loss by enabling the use of better power switches.

In the first technique, a hybrid boost converter architecture for improving
the efficiency of LED drivers used in mobile applications, is presented. By
cascading a low-switching frequency time-interleaved series-parallel SC-stage
with an inductive boost converter, we facilitate lower voltage-rated switches,
thus significantly reducing the switching losses. Charge-sharing losses of the
SC stage are minimized by soft-charging flying capacitors with the inductor of
the boost stage. Fabricated in 180 nm BCD process, the prototype converter
generates 30 V output voltage from a Lithium-ion (Li-ion) battery source. It

can provide a load current in the range of 0 to 100 mA with an excellent peak
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power efficiency of 91.15% at 30 mA, which represents a 3% improvement
over the state-of-the-art.

In the second technique, a novel current sensing architecture is explored.
A new duty-cycle sensing technique with applications in current sensing for
DC-DC power converters is presented. A time-based AY ADC with 1-bit
delay-DAC accurately measures small changes in the duty-cycle of a PWM
waveform. Fabricated in 65 nm general purpose CMOS process, the proto-
type senses changes in duty-cyle ranging from 4 m up to 20 m with 1% lin-
earity, making it suitable for detecting small load current-dependent changes
in the duty-cycle of a regulated DC-DC power converter.

The switching clock of a power converter is an important part of the whole
system. It is essential to keep the frequency of this clock fixed under various
operating conditions in order to prevent the generation of unwanted harmon-
ics which might interfere with the proper functioning of the whole system.
For most low-frequency integrated power converters, an on-chip relaxation
oscillator is used. Even though this oscillator architecture is very power ef-
ficient, it has large variation in frequency over temperature. A method for
improving the temperature stability of RC relaxation oscillators by precisely
interpolating between resistors with opposing temperature coefficients is pre-
sented. By obviating the need for a large trimming network of switches and
resistors, it achieves excellent frequency accuracy across PVT. Fabricated in
65 nm CMOS, the prototype 400 kHz oscillator achieves an inaccuracy of
16 ppm/°C (-40°C to 85°C), 2.5 ppm/mV voltage sensitivity, and 5.6 ppm

Allan deviation in one second strides.

iii



To my parents, for their love and support.

v



ACKNOWLEDGMENTS

According to Albert Einstein, time is supposed to slow down for people trav-
eling with high velocities measured from an inertial frame of reference. But
going to graduate school has taught me that there is a big difference between
measured time duration and perceived time duration. For even though the
earth is hurtling around the sun at a whopping velocity of about 100,000
km/hr, I clearly remember the day I came to the U.S. for my higher edu-
cation more than four years ago, as if it were yesterday. This discrepancy
is perhaps because graduate school makes you ask yourself so many ques-
tions, both work-related and personal, that the brain has no bandwidth left
to observe the passage of this large chunk of time. As I struggled with this
unending set of questions, not only did I encounter self-doubt, uncertainty
and fatigue, but also long-lasting joy and deep satisfaction. And for this I
am most thankful to my advisor, Professor Pavan Kumar Hanumolu. T am
forever indebted to him for providing me with the opportunity to pursue my
studies in this fabulous university (Go Illini!) and in a way which is very
different from other groups doing circuit research in the U.S. He has a sur-
prisingly vast reservoir of patience, which, I am sure, came in handy during
the numerous times I had reported to him about my chip not starting in the
lab or running into a wall with some design problem. He always had a sug-
gestion worth trying, an untapped research question, a paper edit which had
a clearer flow and figures which were always better than my multiple miser-
able attempts. And through him I came to know so many wonderful people
who have also helped me immensely through out my graduate studies. I am
thankful to Professor Robert Pilawa for being so patient with me during the
initial period. He was always happy to answer my questions on basic princi-
ples of hybrid DC-DC converter. I am thankful to Professor Arijit Banerjee
for his wonderful teaching in ECE464, which helped me a lot. In addition to

everything else, Professor Pavan, Pilawa, and Banerjee also agreed to serve



on my final exam committee along with Professors Jose Schutt-Aine and Jin
Zhou. I am thankful for their critical feedback during the presentation.

[ was very fortunate to come across a really smart set of people from Texas
Instruments, Inc., from whom I have learned much. I would like to express
my gratitude towards William Mclntyre, Travis Eichhorn, Adam Fish, Kory
McCarthy, Vamsinath Peddireddy, and Venkatesh Burli for making my in-
ternship experience a memorable one.

When I first came to the U.S., I had assumed it would be difficult to
find friends here as people from a vastly different cultural backgrounds come
to study here. But I was pleasantly surprised to make really good friends
here. I would like to thank Charlie Zhu for his continuous help and support
regarding my work and his friendship through which I discovered the won-
derful world of Chinese cuisine over the numerous dinners in various Chinese
joints here in Urbana-Champaign. I would like to thank Mostafa Ahmed and
Amr Khashaba for their friendship and support throughout my time here,
exchanging notes about the culture and politics of Egypt and India. I am
grateful to Yongxin Li for inviting me to his lovely star-gazing sessions, to
Kyu-Sang Park for helping me innumerable times in the lab with his superior
soldering skills, to Tianyu Wang, Ahmed Abdelrahman, Mohamed Badr and
Mahmoud Khalil for fun technical and non-technical discussions in CSL422.

And lastly, I would like to express gratitude to my family for maintaining
a healthy and sometimes unreasonable belief that no matter what I would
make through this and find myself on the other side. Thank you for your

unconditional love and support during these uncertain times.

vi



TABLE OF CONTENTS

LIST OF TABLES . . . . . . . . . . ix
LIST OF FIGURES . . . . . . . .. .. X
CHAPTER 1 INTRODUCTION . . ... .. ... ... .. ..... 1
1.1 Power converter architecture choices for better efficiency . . . 2
1.2 Current-sensing for better system efficiency . . . . . . . .. .. 3

1.3 Highly stable clock source for lower harmonic content in
output voltage in power converters . . . . . . .. .. ... .. 4
1.4 Dissertation organisation . . . . . . . . ... ... L. 5)

CHAPTER 2 A 91.15% EFFICIENT 2.3-5 V INPUT
10-35V OUTPUT HYBRID BOOST CONVERTER FOR LED-

DRIVER APPLICATIONS . . . . . . . . ... ... ... ..... 7
2.1 Introduction . . . . . . . . . ... 7
2.2 LED driver losses . . . . . . . . . ... ... ... 10
2.3 Proposed Architecture . . . . . .. ... ... ... ... .. 12
2.4 Circuit Implementation . . . . . .. .. .. ... 25
2.5 Measurement Results . . . . . . ... .. ... ... ... ... 30
2.6 Conclusion . . . . . . . . .. 37

CHAPTER 3 A 1% LINEAR DUTY-CYCLE SENSOR FOR CUR-

RENT SENSING APPLICATIONS IN BUCK CONVERTERS . . 38
3.1 Imtroduction . . . . . . . . ... Lo 38
3.2 Duty-cycle as sensing variable . . . . . ... ... ... .. 40
3.3 Proposed Architecture . . . . ... ... ... ... ... 44
3.4 Circuit Implementation . . . . . . . .. .. ... ... 48
3.5 Measurement Results . . . . . . ... ... ... ... 50
3.6 Conclusion . . . . . .. ... 51

CHAPTER 4 A 400 KHZ RC RELAXATION OSCILLATOR WITH
16 PPM/° C INACCURACY AND 2.5 PPM/MV SUPPLY

SENSITIVITY . . . . . 52
4.1 Introduction . . . . . . . ... 52
4.2 Proposed Architecture . . . . . ... ..o 54

vil



4.3 Calibration Procedure . . . . . . . . . . .. ... ... .. H8

4.4  Circuit Implementation . . . . . . . . ... ... ... ... 61
4.5 Measurement Results . . . . . . . . . ... ... 64
4.6 Conclusion . . . . . . . . ., 69
CHAPTER 5 CONCLUSION . . . . . .. . 70
REFERENCES . . . . . . . 73

viii



1.1

2.1

2.2

4.1

LIST OF TABLES

Relationship between DCR and dimension for a 10 gH in-
ductance from Coilcraft . . . . . . . . . . . ... ... ...

Percentage reduction in losses with respect to conventional
inductive boost converter . . . . . . ... ..o
Performance summary and comparison to state-of-the-art
LED drivers. . . . . . . . . . ..

Performance comparison of proposed temperature compen-
sated oscillator with state-of-the-art designs. . . . . . . . . ..

1X

68



1.1

1.2

1.3
1.4

2.1
2.2

2.3
24

2.5
2.6
2.7

2.8

2.9

2.10
2.11
2.12
2.13
2.14

2.15

LIST OF FIGURES

Boost converter use in LED display drivers and energy har-

vesting applications. . . . . . ... ... .. L. 1
Inductive-based (left) and switched-capacitor-based (right)
DC-DC power converter architectures. . . . . .. .. ... .. 3
Different applications for current sensing in power converters. 4
Sense-FET-based and filter-based approaches for current
sensing in power converters. . . . . . . . . ... ... ... 4
Conventional boost converter-based LED driver. . . . . . . . . 8
LED driver efficiency versus load current for different out-
put voltages and fixed V;y =3.7V. . . . .. ... 9

Transition loss modeling for turn-ON event of low-side switch. 11
Electrical switching loss (Pyransition + Pyate) and conduction
loss variation with load current and loss breakdown at 25
mA load (V;y = 3.7V, Voyr = 30 V) for a conventional

inductive-boost power converter. . . . . . .. .. ... 13
Hybrid boost converter. . . . . . . . .. ... ... .. .. .. 14
Proposed boost converter topology. . . . . . . ... ... ... 14

Relative loss of proposed architecture with SC-stage gain
varying from 2 to 4, normalised to corresponding losses in

conventional inductive-boost converter. . . . . . . .. ... .. 15
1:2 switched-capacitor converter with inductor at input. . . . . 16
Comparison of output impedance of basic hybrid converter

with that of the traditional switched-cap converter. . . . . . . 17
Time-interleaving of the SC stage to mitigate large output

voltage ripple. . . . . . . . ... 19
Efficiency plots of the hybrid and conventional architectures. . 20
Switching loss comparison. . . . . . . . .. ... 21
Conduction loss comparison. . . . . . . .. ... .. ... ... 22
Simulated power loss breakdown at 25 mA load for the
proposed converter. . . . . . .. .. ... 23
Phase-by-phase operation and associated waveforms for phase

Bye o o 24



2.16

2.17
2.18
2.19

2.20

2.21
2.22
2.23
2.24
2.25
2.26
2.27
2.28
2.29

2.30

3.1
3.2
3.3
3.4
3.5

3.6

3.7
3.8

3.9
3.10

3.11
3.12
3.13
3.14
3.15

4.1
4.2

4.3

Phase-by-phase operation and associated waveforms for phase
Qe o o
Full circuit schematic. . . . . . . . . ... ... ... .. ...
Gate-driver details for power devices. . . . . . .. . ... ...
Small-signal model for the proposed architecture in contin-
uous conduction mode. . . . .. ..o
Zero-crossing detector circuit used in the discontinuous
conduction mode. . . . . . . ... Lo
Die micrograph and evaluation board. . . . . . . .. ... ...
Steady-state waveforms in CCM. . . . . ... ... ... ...
Steady-state waveforms in DCM. . . . .. ... .. ... ...
Steady-state ripple in CCM at 25 mA load. . . . . . . ... ..
Start-up waveforms for Voyr, Vyrp and Iryp. . . . . 0 . . L.
Start-up waveforms for Voyr, Viurp and Iryp, zoomed. . . . .
Transient response waveforms for Voyr. . . . . . . . . .. ...
Measured efficiencies at different input and output voltages.
Measured efficiencies with different temperature and exter-

nal inductance at V;5=3.7 V and Voyr=30V. . . . . . .. ..
DCM efficiency at loads less than 5 mA. . . . . ... .. ...

Filter-based current sensing. . . . . . . . ... ... ... ...
Replica current based current-sensing. . . . . . . . . . ... ..
Average model for buck converter. . . . . . ... ... L.
Load current information in duty-cycle. . . . . . . . . .. ...
Percentage Royr variation with load current for a DC-DC
buck converter. . . . . ... ...
Comparison of theoretical and simulated duty-cycle varia-
tion for 1.8 V/IV Vin/Vour. -« - o o o oo oo
Conceptual duty-cycle analog loop. . . . . . .. .. ... ...
Digital loop implementation with 1-bit delay-DAC and clocked
comparator. . . . . ... oL oL

Power spectral density at the output of the clocked comparator.

Digital loop implementation with VCO-based quantiser for

second-order noise shaping. . . . . . . . ... ...
Power spectral density for a fixed duty-cycle input. . . . . ..
Error amplifier. . . . . .. ...
Die micrograph. . . . . . .. ..o
Prototype output bit-stream PSD.. . . . . .. ... ... ...
Sensor output with residual error plot after linear regres-

Temperature coefficient variation under process variation. . . .
Mlustration of the proposed RCO temperature compensa-

tion scheme. . . . . . . ...
Proposed RCO architecture. . . . . . . ... .. ... .. ...

x1

25
26
27

29

29
30
31
31
32
32
33
33
35

36
36

39
39
41
41

42

43
45

46
46

47
48
49
50
o1

ol
93

95
96



4.4
4.5

4.6
4.7
4.8
4.9

4.10
4.11
4.12

4.13

5.1
5.2

System operation of proposed architecture. . . . . . . . .. .. Y
Residual first order slope error as the word-length of DCW
is increased for ay = —300 ppm/°C and ap = 150 ppm/°C. . 59

Comparator schematic. . . . . . .. .. ... ... ... .... 62
Constant-G,,, biasing. . . . . . . . . ... ... ... 63
Counter schematic. . . . . . . . .. .. ... .. ... .. ... 64
Measured Fy and Fp across temperature and measured /calculated
Foyr using optimal duty cycle. . . . . ... ... ... .. 65
Measured frequency error versus temperature for eight samples. 66
Measured frequency error versus supply for eight samples. . . 66
Measured Allan deviation versus duration of strides for

eight samples. . . . . . . .. ..o 67
Die micrograph. . . . . . . ... 67
Current-mode control implementation of the proposed converter. 71

Duty-cycle sensor with buck converter as a complete cur-
rent sensing solution. . . . . . . ... ... 71

xil



CHAPTER 1

INTRODUCTION

Power converters are integral components of all electronic systems. They
are responsible for supplying power to the rest of the system at a preferred
voltage level enabling them to perform their functions. For instance, all
portable electronic devices have a converter interfacing between the 3 V Li-
ion battery and the various subsystems such as the processor core, memory,
display, etc., each requiring a different voltage level. Solar panels have a
power converter which provides an interface between the solar cells, that
generate a wide range of voltages, and the battery, which stores the power
generated by the solar cells at a relatively fixed voltage. Since a significant
portion, if not all of the system power, is processed through these converters,
high power efficiency of these converters is absolutely essential to maintain

an acceptable overall system power efficiency.

LED display backlight Energy harvesting

Figure 1.1: Boost converter use in LED display drivers and energy
harvesting applications.



Table 1.1: Relationship between DCR and dimension for a 10 pH
inductance from Coilcraft

DC resistance [m€2] | Current rating [A] | L(mm)xW (mm)xH(mm)
69.5 3.9 4x4x3.1
200 1.25 3.9x3.9%x1.8
440 0.75 2.95x2.95x1.5
611 0.66 2x1.9x1
180 0.18 1.8%x1.12x0.91

1.1 Power converter architecture choices for better
efficiency

Maintaining high power efficiency in a power converter traditionally meant
use of large passive components and switches, as their sizes tended to have an
inverse relationship with the losses of the power converter. This is especially
true for inductors as shown in Table 1.1. As the size of the inductor reduces
the series DC resistance increases steadily. However, relentless progress in
semiconductor technology has resulted in diminishing sizes of almost all elec-
tronic systems. This has resulted in the constant shrinking of portable elec-
tronic systems—so much so that their size and efficiency are limited by the
power supply systems they employ. This paved the way for integrated power
converters that try to incorporate power-switches and control circuitry onto
a single die, yielding highly compact solutions with impressive power density.

The desired power level decides the type of DC-DC power converter suit-
able for the application. For applications with power levels up to a few
tens of milliwatts, the switched capacitor architecture is most suitable. For
high-power applications beyond a few hundred milliwatts, inductive-based
architecture is primarily used. Figure 1.2 shows the two types architectures.

Recently, hybrid architectures have been reported as alternatives to both
these architectures in various applications [1]. These architectures try to
leverage the use of lower-voltage rated switches from the switched-capacitor
architecture but avoid high charge-sharing losses by using an inductor in
series. The first technique presented in this thesis explores the possibility of a
hybrid converter in the context of LED drivers for portable electronic device

displays such as mobile and tablet screens. Existing inductive converter
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Figure 1.2: Inductive-based (left) and switched-capacitor-based (right)
DC-DC power converter architectures.

based techniques dominate the solution space for mobile display LED-drivers.
Due to their inherent architectural limitation of using output voltage rated
switches, they cannot achieve good efficiency beyond 88% in the best reported
LED-drivers at high voltage levels of about 30 V. The hybrid architecture
presents an alternative solution with better efficiency at the cost of a slightly

increased external component count on the PCB.

1.2 Current-sensing for better system efficiency

Extending battery life is crucial for portable electronic devices such as mobile
phones (see Fig. 1.3). Knowledge of the current consumption is often a very
useful information in this regard. For instance, embedded software of mobile
phones can use this information to optimise its operation. Such optimisations
include reducing system-clock frequency, shutting down unnecessary modules
not required by the current operation, estimating precisely the remaining
battery life of the system [2]. Current-sensing is also used in many regulation
schemes for power converters [3] and over-current protection schemes. The
accuracy and latency of the current sensing scheme depends on the system
requirements. The software/processor based system optimisation application
requires more accuracy and can relax on the latency specification. The over-
current protection module requires very fast response, hence very low latency,
but can be flexible on the accuracy.

In all these applications, the power-converter operating in the system is
expected to provide the load-current information. Two principal approaches

are used for current sensing in power converters, namely the sense-FET based
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Figure 1.3: Different applications for current sensing in power converters.

and filter-based approaches, as shown in Fig. 1.4. The accuracy of sense-
FET based approach is limited by the settling errors in the amplifier and
the mismatch resulting from the large size-ratio between the power-FET and
sense-FET. The filter-based approach is mainly used to sense AC current and

its use is limited to current-mode control regulation schemes.
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Figure 1.4: Sense-FET-based and filter-based approaches for current

sensing in power converters.
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In view of this, we seek to explore a duty-cycle based current sensing
technique, leveraging on the fact that the duty-cycle of a regulated power

converter changes with the load current.

1.3 Highly stable clock source for lower harmonic
content in output voltage in power converters

For most power converters operating at frequencies less than 10 MHz, the

clock source is a relaxation oscillator. While these are efficient clock sources



and well-suited for integration, their output frequency has a strong depen-
dence on temperature and process. This is mainly due to the temperature
and process dependence of the reference resistor. One way to approach this
problem would be make very stable integrated resistors [4]. But, often it
is very difficult to procure such a stable resistor in most of the technology
nodes in prevalent use today. It is more likely that one can find resistors
with opposite temperature coefficients in the popular processes. Simply cas-
cading resistors of opposing temperature trends will not solve the problem as
their proportion might vary heavily with process, thus resulting in imperfect
cancellation. An array of such resistors with programmable trim settings
also won’t give good performance as the switches in the trim DACs degrade
temperature performance. In view of this, we seek to explore a novel resistor
DAC with minimal use of switches such that we can achieve very precise
interpolation between the resistors in order to obtain an effectively zero-
temperature coefficient resistance without significant degradation from the

trimming switches.

1.4 Dissertation organisation

The focus of this dissertation is on developing techniques which improve
system power efficiency of portable electronic systems by exploring differ-
ent aspects of the power management module used in such devices. The
dissertation is organised as follows:

Chapter 2 describes a new hybrid DC-DC boost converter for LED-driver
application in mobile phones. It presents the proposed architecture, illustrat-
ing its properties and operating principle. This approach is then compared
to the existing approach and the benefits are clearly explained. Measured
results are obtained from the prototype power converter and the key contri-
butions are summarized.

Chapter 3 describes a duty-cycle sensor for current-sensing applications in
power converters. It presents the proposed architecture and its evolution.
The circuit implementation details are discussed. The measured results from
a prototype duty-cycle sensor are presented and the key contributions are
summed up.

Chapter 4 describes a temperature compensated relaxation oscillator. The



proposed architecture is explained and an analysis is presented about the
residual temperature error using this approach. The circuit details are ex-
plained clearly. Measured results from the prototype are shown and the
principal contributions are highlighted.

Finally, Chapter 5 summarises the proposed design techniques for inte-
grated energy-efficient power converters and some possible future work is

outlined.



CHAPTER 2

A 91.15% EFFICIENT 2.3-5 V INPUT
10-35 V OUTPUT HYBRID BOOST
CONVERTER FOR LED-DRIVER
APPLICATIONS

2.1 Introduction

Rapid technological advances over the last decade have made the display
module an integral part of modern portable electronic devices such as smart-
phones and tablets. While these developments have enhanced user experi-
ence significantly, they also made the displays by far the most power-hungry
blocks in smartphones [6]. A typical display module comprises a back-light
and an LCD panel. The back-light consists of strings of series-connected
white light-emitting diodes (LEDs). Screen size and brightness requirements
may mandate stacking of up to eight LEDs in each string. With each LED
having a forward-bias voltage of about 3.3 V, the required supply voltage
needed to drive the chain can be as high as 27 V. Tight volume constraints
mandate that such a high output voltage be generated from a 2.3-5 V input
voltage provided by a Li-ion battery. To this end, a boost converter is most
commonly used to perform the desired DC-to-DC conversion. Since the dis-
play module consumes 30-40% [6] of the total available energy, the efficiency
of such a boost converter significantly impacts system power efficiency. Tra-
ditionally, an inductor-based switching power converter depicted in Fig. 2.1
is used [7]. It consists of a pair of switches S, Ss, an inductor L, and an
output capacitor C'. Switches S; and Sy are driven by complementary PWM
signals with a duty-cycle of D and (1 — D) and generates an output voltage

given by Eq. 2.1:
Vin

1-D
© 2021 Nilanjan Pal. Reprinted, with permission, from N. Pal et al., “A 91.15%

Efficient 2.3-5 V Input 10-35 V Output Hybrid Boost Converter for LED-Driver Applica-
tions,” IEEFE Journal of Solid-State Circuits, Jul 2021 [5].

Vour = (2.1)
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Figure 2.1: Conventional boost converter-based LED driver.

Even though this architecture requires very few off-chip components, its
efficiency is fundamentally limited by the switches’ high voltage rating. As
will be described later, a high switch rating exacerbates both switching and
conduction losses, thus limiting the achievable peak efficiency of state-of-the-
art display drivers to about 88% [7, 8.

The impact of switch voltage rating on boost converter efficiency can be
understood by plotting efficiency versus load current for different output
voltages at a fixed input voltage (see Fig. 2.2). The power switch sizes were
optimized for each output voltage. As the switch rating increases (to support
the increased output voltage) from 6 V to 36 V, peak efficiency degrades by
more than 5%. The reduction in the power switch quality increases both the
switching and conduction losses, which causes the observed degradation in
peak efficiency. One possible approach to overcome this problem would be to
explore architectures that do not require such high voltage-rated switches. A
class of switched capacitor (SC)-based converters can generate high output
voltages using devices rated lower than the output voltage [9], [10]. But they
incur a considerable amount of charge-sharing losses at typical LED driver’s
operating power levels. The large DC gain requirement increases the number
of switches, which significantly increases conduction and switching losses.

Hybrid architectures have recently emerged as an alternative to the SC-
based approaches mentioned above. By cascading a SC stage with an in-
ductive stage [1] or by merely placing an inductor between the power source
and a SC converter [11], [12], these architectures seek to combine the ad-
vantages of inductive- and SC-based converters. Placing the inductor in
the path of the charging/discharging current of the flying capacitor reduces

hard-charging losses to a great extent. Recent works have effectively used
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Figure 2.2: LED driver efficiency versus load current for different output
voltages and fixed V;y = 3.7 V.

this approach, but could not completely eliminate hard-charging losses [13]
or output-voltage rated switches [14].

This paper presents a high-efficiency boost converter for LED driver ap-
plications with an input voltage range of 2.3-5 V, an output voltage range of
10-35 V, and a load range of 0-100 mA [15]. The prototype power converter
was fabricated in 180 nm technology and occupies an active area of 2.3 mm
by 1.2 mm, and operates at 1 MHz switching frequency. The power converter
achieves an excellent peak power-efficiency of 91.15% at 3.7 V input, 30 V
output with no external gate driver supplies, representing a 3% improve-
ment in peak efficiency over the state-of-the-art. This paper supplements
the information provided in [15] with a detailed elucidation of the archi-
tecture evolution, an in-depth analysis of the output impedance of hybrid
architectures, a detailed description of the phase-by-phase operation of the
converter, additional details of the zero-crossing detector for discontinuous
conduction mode (DCM) operation, and new measurement results pertaining

to the improvement in power efficiency in DCM compared to CCM.



The rest of the paper is organized as follows: Section 2.2 presents a break-
down of the losses in an inductive boost converter used in conventional LED
drivers; Section 2.3 presents the proposed architecture; circuit implementa-
tion details of key building blocks are described in Section 2.4; experimental
results from the test chip are presented in Section 2.5; key contributions of

this paper are summarized in Section 2.6.

2.2 LED driver losses

Losses in a LED driver depend on the magnitude of input/output voltages,
load current, and switching frequency. The typical range of input/output
voltages and load current is 2.3-5 V/12-30 V and 0-100 mA, respectively.
Losses can be broadly classified as conduction losses and switching losses.
The current source used to set the LED current has to biased with about
200 mV across it, which also incurs an efficiency penalty. However, in LED
drivers with Vppyr as high as 30 V, the efficiency hit is minimal. These loss
mechanisms are investigated for the conventional inductive boost converter
next and later extended to the proposed architecture.

Conduction losses are modeled using the below equation [16]:
Preona = iinp rus - (Rocr + D - Rps + (1= D) - Rys + Rpcg) (2.2)

where, i;np rms is the inductor RMS current, D is the duty-cycle of the
low-side switch and Ryg, Rgs are the “on” resistances of the low- and high-
side switches, respectively. The value of Rpcr depends on the size of the
inductor and is typically in the range of 200-300 m{2s for inductors used in
space-constrained mobile applications. Such a large Rpcogr is a significant
source of conduction loss, especially at higher load currents.

Switching losses have three components denoted by Piansition; Pgate, and
P.,.. Power switch losses incurred during transitions between “on” state
and “off” state is represented by Pjansition- 1Lhis is a result of the current
through the power device and the voltage across the power device being

non-zero during the transition.
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Using low-side switch Mg voltage and current waveforms during a turn-
ON event (see Fig. 2.3), Pyansition can be calculated using Eq. 2.3 [17, 18,
19, 20, 21, 22, 23, 24]:

Ptransition =0.5- FSW : VOUT : IL : (tl + t2) (23>

where Vopyr is the output voltage, Fsy is the inductor switching frequency.
Times t; and t5 are estimated using gate driver current Ipr and gate charges
Qcs and Qgp as explained in [19]. At large load currents, Pyansition becomes
a significant component of the switching losses. This transition loss equation
can be modified to include the reverse recovery loss of the body diode of Myg

and that of the parasitic capacitance Cpg s [25].

Vour A
Mys Q

|||—
VinD—000—— Vbs,s
oo Cen — VDS,LS
Vi GSLS

Cas Cbs V1
Ms L tito

= > t

Figure 2.3: Transition loss modeling for turn-ON event of low-side switch.

P, Tepresents the power lost during the charging/discharging of the gate
terminal of the power switches and can be modeled by Eq. 2.4 [16]:

Pgate = Cgate : ‘/}2]\[ : FSW (24)

where Cyqre and Viy is the gate capacitance of the power switch and input

voltage to the power converter, respectively.
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P, represents the inductor’s magnetic losses, and its magnitude depends
on the inductor dimensions, with larger height inductors having lower core

losses. Core losses can be calculated using Steinmetz expression in Eq. 2.5 [26]
Pcore = Kpr7 - Fgw ) (A]IND)IB (25)

where Kpir,a and § are fitting parameters provided by manufacturers.
Al;yp is inductor current ripple. In addition to the losses described above,
other losses, such as dead-time losses, are also incurred during every switch-

ing cycle, but their contribution to the total loss is much smaller.

2.2.1 Simulated loss breakdown

The power converter’s efficiency is typically optimized at the most probable
load current, which is around 20-40 mA for LED drivers used in smart-
phones [27]. A 3.7 V input 30 V output conventional inductive boost power
converter was designed to examine the relative contribution of each type of
loss, and the simulated variation of conduction and switching losses as a func-
tion of the load current is plotted in Fig. 2.4. Switch sizes were chosen to
minimize the total loss (switching 4+ conduction) for a given load current and
switching frequency. The pie-chart in Fig. 2.4 shows the relative contribu-
tion of each type of losses at 25 mA load current, incuding the current source
losses (Isgc losses). Both the switching and conduction losses contribute sig-
nificant portions to the total loss at this load current. Because power switch
size trades off conduction losses with switching losses, increasing the switch
size beyond a certain point does not reduce the total loss. Architectures
that allows switches with lower voltage rating ease this trade-off, thereby

presenting a possibility for significantly reducing the losses.

2.3 Proposed Architecture

A simplified block diagram of the proposed hybrid boost converter architec-
ture is shown in Fig. 2.5. It consists of an inductive boost stage (BST)
followed by a switched-capacitor (SC) stage. The BST stage provides a DC
gain of M = 1/(1— D), where D is the PWM signal’s duty-cycle while, SC

12
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Figure 2.4: Electrical switching loss (Pyransition + FPyate) and conduction loss
variation with load current and loss breakdown at 25 mA load (V;y = 3.7
V, Vour = 30 V) for a conventional inductive-boost power converter.

stage provides a DC gain of N. DC gains, M, N, must be chosen to meet the
overall DC gain requirement, which in our application is about 10. There-
fore, for instance, M = 5 and N = 2 would satisfy this requirement. With
this choice, all the switches in BST and SC stages experience a maximum
voltage of only half the output voltage across them. Thus, switches rated for
only 15 V (as opposed to 30 V) can be used. While the proposed architecture
has successfully reduced the power switches’ voltage rating, the total number
of switches has increased. However, with the appropriate choice of the SC
stage architecture and its switching frequency, it is possible to achieve better

efficiency, as described next.

2.3.1 SC-stage architecture selection

Two important considerations dictate the choice of SC-stage architecture.

First, power losses must be low enough not to impact the overall converter
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Figure 2.5: Hybrid boost converter.

efficiency. Second, the architecture must be amenable for simple circuit im-
plementation and must obviate the need for auxiliary power supplies. A
series-parallel architecture shown in Fig. 2.6 meets these criteria. The low-
est output impedance is achieved across a wide range of DC gains when
this architecture is operated in the fast-switching limit region where losses

associated with switch resistance dominate [10]. The optimal distribution

Fswi=1MHz  Fsw2 =100 kHz

‘------- "= ' I BN BN BN BN BN BN BN BN BN BN O Ry

‘I 1
i i °—l—d ]
L 1 |: 1
—m\-i—o—( ¥ Vi Croy -
1 |

Un 1.0  igm=mms==e=ss==e=? | Cour |

23V.5 V)E o ESerles Parallel SC stage ==
All switches are rated @ Vour/2 | ILep

l @ L g

Figure 2.6: Proposed boost converter topology.

of the total DC gain between the inductive-boost and SC stages is deter-
mined using the approach described in [14]. In this analysis, output voltage
and the conversion gain are set at 30 V and 10, respectively; SC stage was
assumed to employ series-parallel architecture. The hybrid converter was
optimized for each value of SC-stage gain (N) while keeping the area of the

power converter, and the ratio of input/output voltages fixed to perform a
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fair comparison. Conduction and switching losses normalized to the losses
of a conventional inductive-based power-converter are plotted for different
values of N, as shown in Fig. 2.7. Switching losses reduce as N (SC-stage
gain) is increased. This is expected behavior since the dominant source of
switching loss, namely switching losses in the inductive-boost stage, reduces
with increasing N. This is because the rating of the switches in the BST-stage
is inversely proportional to the SC stage gain N (Vopyr/N). But the same is
not true for conduction losses, which reduce when N is changed from N =
1 to N = 2 but start increasing from N = 3. This shows that the increased
number of switches offsets the advantage obtained in going to lower-rated
switches as N is increased beyond 3. Therefore, N is chosen to be 2 in our
implementation. This topology needs only four extra switches, all of which
are rated at Vpoyr/2. Their gate drivers can be implemented using internally

available voltages, as described in section 2.4.

Conduction loss
Overlap loss
Cps loss
Gate loss

o
o
T

Relative loss
o
o
]

e
=~
T

0.3}

02—

SC stage gain

Figure 2.7: Relative loss of proposed architecture with SC-stage gain
varying from 2 to 4, normalised to corresponding losses in conventional
inductive-boost converter.
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2.3.2 Choice of switching frequency for the BST and SC
stages

The switching frequency of a conventional inductive boost converter is deter-
mined from the ripple requirement, allowed output capacitor, and the load
current. Assuming typical parameters of 10 uF (400 nF after de-rating) out-
put capacitor, 25 mA load current, and an output voltage ripple of 50 mV
results in a switching frequency of 1 MHz for the BST stage.

For a typical switched-capacitor power converter with a voltage input, the
switching frequency directly impacts the loss of the converter. This can
be understood by modeling losses in the 1:2 SC converter with an ideal
transformer and an output impedance Ropr (see Fig. 2.8) [10] [28] [29] and
plotting Royr as a function of switching frequency for two cases: L = 0 and
L # 0 as shown in Fig. 2.9. For the case of L = 0, output impedance
Rour,sc is given by Eq. 2.6.

1 4

r— ommmmmmmmmmnmmnnn,

OO —i—5"
+ :I (I)y C (I)y -
12 Rar |, T T

ﬁ @, @,

Linear model 1:2 5C stage

|

-

Figure 2.8: 1:2 switched-capacitor converter with inductor at input.

1
Roursc = =——=—— *coth &

2.6
Crry Fsw sc 4Fsw sc (2:6)

where,

1

Rsw rorCrry

Bsc

Rsw rtor = 2 * Rgw

and Rgw tot is the total switch resistance in the charging/discharging path,
Rgw is switch resistance and Fgpw sc is the switching frequency. The con-

verter operates in the slow-switching limit for switching frequencies below 1
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MHz. In this region, charge sharing losses account for the increase in Royr
with decreasing switching frequency. Beyond 1 MHz, losses associated with

the switch resistance dominate, as indicated by the flattening of the curve.
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Figure 2.9: Comparison of output impedance of basic hybrid converter with
that of the traditional switched-cap converter.

Inductance between the input voltage source and the converter fundamen-
tally changes the relationship between output impedance and the switching
frequency. Because inductor current cannot change instantaneously, sudden
surges in capacitor-charging currents present when L = 0 are avoided, thus,
significantly reducing the charge sharing losses. The output impedance of
the hybrid converter is determined by calculating the ratio of average power
dissipated (Pyys)r., and the average output current <]OUT7HYB>TSW in each

switching cycle as given by Eq. 2.7:

(Puys)T:
R = VHYB/Tey 2.7
OUT,HYB Tovravn)l. (2.7)
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where,

The relationship between Routmys and the switching frequency is more
complicated compared to the L = 0 case (see Fig. 2.9). At frequencies much
lower than the LC-resonant frequency (Frps = /LCrry/(27)), the current
transient settles down well within the duration of each phase, thereby having
no impact on Royr. As the switching frequency approaches Frps, Rour
exhibits a non-monotonic behavior with peaks at Frps/2, Frps/4, Fres/6
and so on, and troughs at Frrs/3, Fres/b, Fres/7 and so on. Beyond Frgs,
charge-sharing losses again fall below the resistive losses of the switches.

With proper choice of L and C', Frgs can be reduced to be much lower than

(PayB)1, = 2Fswsc(Ty + 1o + T3)

2 | 1.2 1—emh
T = 0.5(/-{31 + kQ)st,TOT o
aB + BaypC —aT,
To=—— (1 —e Tow
TR By )
B —aC
T, = Buys o o~ 0Tew sin(Birys Tow)

2(a? + Biiysp)
(Iournys) 1 = Fswsc(Pr + )

Buysk: + ak; —aT
P=————=(1—e%""cos Tiw
= (BavsTon)
Buysks — aki g .
Py = v Tow
2 a2+B12{YB € sin(BuyTsw)

B = 0.5(k3 — k}) Rsw toT
C = kiksRsw ror
alioap + AV/L

L —
' Buvs
k2 = IoaD
_ Rsw tot
2L

Berys = 1 [ Rswrror 2
HYB LCrry 2L

DI T.
AV _ 0.5 LOAD{L sw
C1FLY

transition frequency for the L = 0 case.

In this work, Crry was set equal to the expected output capacitance
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Figure 2.10: Time-interleaving of the SC stage to mitigate large output
voltage ripple.

of 400 nF (de-rated) and the inductance is equal to 10 pH. Figure 2.9
shows Fgrpg is 10x lower compared to the L=0 case. It is worth noting
that the resonance frequency will be much lower than what is predicted by
the above analysis because the inductor is switched and will be equal to
Fresswitcnep = Fres* (1 — D), where D is the duty cycle with which the
inductor is switched. Consequently, it would seem like the SC-stage can be
switched at much lower frequency than 70 kHz. But, lowering the switching
frequency increases the inductor RMS current significantly, which increases
the conduction losses. Because of this tradeoff, losses due to inductor RMS
current and the switching losses in the SC-stage are better balanced when
Fsw sc = Frrs. Another practical consideration in choosing Fsw, sc involves
preventing the inductor from being connected to the SC stage when the flying
capacitors are changing phases. This can be guaranteed if Fisyy g¢ is made an
integer sub-multiple of Fsw psr. Thus, considering the above, Fsw gc was
chosen to be 100 kHz, which is the closest sub-multiple of Fgw, gsr (1 MHz).

2.3.3 Time-interleaved SC stage

While operating the SC-stage at 100 kHz can potentially reduce its switching
losses, it has a detrimental effect on the output ripple. For instance, a 50%
duty cycle 100 kHz clock for the SC stage results in the output capacitor

floating for a duration of 5 us, which results in an unacceptably large peak-
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Figure 2.11: Efficiency plots of the hybrid and conventional architectures.

to-peak ripple of 0.25 V at a typical load of 25 mA and a worst-case ripple
of 1 V at 100 mA load with 0.5 pF output capacitance. In conventional
boost converters, the headroom of the LED bias current source must be
increased (Var = Vpsar + VrippLr) to absorb the excessive ripple and
prevent it from affecting the backlight quality. However, this degrades LED
driver power efficiency and causes perceivable flicker in the backlight. One
possible way to avoid this large ripple is to ensure the lost charge in the
output capacitor is replenished faster. This can be achieved by splitting the
single SC-stage into two time-interleaved sections that alternately connect to
the output capacitor. The operation of the converter is described in detail in

section 2.3.5. The final architecture of the proposed boost converter is shown
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Figure 2.12: Switching loss comparison.

in Fig. 2.10. It consists of 10 power switches, all rated at Voyr/2, and two

additional external flying capacitors C'rry.

2.3.4 Efficiency and loss breakdown

Theoretical power efficiency plots comparing the proposed hybrid boost con-
verter with the conventional boost converter are shown in Fig. 2.11(a). These
plots show a marked improvement in efficiency across the entire load range
with about 5% and 8% peak efficiency improvement at nominal and high
loads, respectively. The improvement in conduction and switching losses

are captured in Figs. 2.11(b) and (c). They show a significant reduction in
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switching losses and modest improvement in conduction losses, both of which
illustrate that higher quality switches and the SC stage’s low switching fre-
quency indeed help improve efficiency. The simulated power loss breakdown
for the proposed converter at 25 mA load is depicted in Fig. 2.14, and the
percentage reduction in losses normalized to those of a conventional inductive

boost converter is shown in Table 2.1.

2.3.5 Phase operation

The converter operates in four phases, ®1, &9, @3, and &, (see Fig. 2.15 and
2.16).
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Table 2.1: Percentage reduction in losses with respect to conventional
inductive boost converter

Loss % Reduction Cause
Conduction 30 Device rating
Switching 52 Device rating+low Fsw sc
Core 22.6 Inductor current ripple reduced
SC Conduction
Distribution Loss
@25 mA (3%)

5
DCR Conduction BST Conduction
Loss Loss
(24.4%) (20.6%)
Isrc Loss
(6.4%)
BST Switching Core Loss
Loss (14.8%)
(27.6%) SC Switching
Loss
(3.2%)

Figure 2.14: Simulated power loss breakdown at 25 mA load for the
proposed converter.

We describe the operation starting with phase ®; in which both the boost-
and SC-stage clocks ¢pst and ¢sc are high. During this phase, inductor and
Crrys are connected to the ground while C'rry; is connected to the output.
The duration of this phase is equal to D * Tgst where D is the duty-cycle
of the clock ¢ggr, and Tpgr is the period of ¢pgr. Because the inductor is
disconnected from the load, the LED current source discharges the output
capacitor. When ¢pst goes low, the converter enters ®, phase during which
inductor is connected to the SC stage. As Vour = 2 * Vup, half the inductor
current flows through the output capacitor through Crryq and the other half

flows through Crrys. This causes Vj;;p voltage to ramp-up as shown in the
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Figure 2.15: Phase-by-phase operation and associated waveforms for phase

Dy-

waveforms on the right in Fig. 2.15 and Fig. 2.16. The kink in the ramp is
caused by the voltage drop across the power devices in the SC stages. Since
switching frequency of the SC stage is much smaller than the BST stage,
¢psT changes its phase five times in one half of ¢gc. Consequently Crryy
and Crryo gets discharged and charged, respectively five times during ®.
In &3 phase, Crry1 and Cprys exchange positions. Since the voltages
across Crry1 and Crrys always add up-to Voyr, this change in positions of
the flying capacitors do not affect the output voltage. The voltage at Vi rp
on the other hand always reflects voltage across Crrys in ¢gc and across
Crry1 in ¢sc. This node experiences a voltage jump when the flying capac-
itors exchange their positions because the inductor current cannot change
suddenly. The voltage jump’s magnitude is equal to the voltage difference
between the voltages across Crry1 and Crrys at the end of ®5. After this
change in flying capacitor positions, rest of the operation is exactly same

as described before, except now for the next five cycles of ¢pgr, Crry: is
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Figure 2.16: Phase-by-phase operation and associated waveforms for phase

Oy

charged and the inductor current discharges Crryo. This marks the end of
one complete cycle of ¢sc. The BST stage provides a DC gain of 1/(1 — D),
and the SC stage provides a gain of two. Therefore the relation between the

output voltage and the BST stage’s duty cycle is given by 2/(1 — D).

2.4 Circuit Implementation

The complete schematic of the proposed converter is shown in Fig. 2.17 and
2.18. It consists of three main components: the power devices used in the
BST and SC stages, the gate drivers for these power devices, and circuitry

to regulate the converter’s output voltage.

2.4.1 Power switches

All the power devices in this architecture are rated at 20 V. The maximum

voltage-stress seen by each switch is given by Vourmaz/2 + LlouTmaz * 0.25 *
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Figure 2.17: Full circuit schematic.

Tswsc/Crry, and is equal to 18.6 V. Tswsc (1/Fswsc) is the switching
period of the SC-stage. Switch sizing was optimized to achieve peak efficiency
at Iroap = 25 mA. The BST stage’s low-side switch is sized for an rpgon
of 123 m{2, while the rest of the switches are sized for an rpgon of 350 mS2.
The power devices occupy an area of 2.76 mm?. Flip-chip packaging and
careful routing of the power rails at both the chip and the PCB level were

employed to reduce parasitic resistance and inductance.

2.4.2 Gate drivers

The interleaved SC stage limits the maximum voltage across the power
switches to Vpoyr /2, enabling the use of devices rated at Voyr/2 with lower
Rps,on and smaller parasitic capacitance. Leveraging this topological benefit
for improving efficiency without affecting device reliability requires carefully-
designed gate driver circuits. Figure 2.17 and Fig. 2.18 shows these circuits
used for driving power devices, Ma, M3a/p, Mya/B, Msa/p and Mea,p, wWith
the desired voltage levels of Vsyw-to-(Vsw + Vin), Varp-to-(Varrp + Vin),
Viora/s-to-(Veorass + Vin), Vour — Vin)-to-Vour and 0-to-Viy, respec-

tively. Drivers for M; and Mg are implemented using tapered buffers oper-
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Figure 2.18: Gate-driver details for power devices.

ating with Vyy as their supply. My (My4 / p) driver is implemented using a
dynamic level-shifter [30] with bottom-plate of the boot-strapping capacitor
Cpoor2 (Cooraa/p) connected to Vsw (Vporijz). Transistor Mx (rated
at Viy + Vour/2) and pull-up resistor Rpy are sized such that swing at
the inverter (/NVj,2) input is about V7y. To minimize static power, input
PWM signal is converted into two narrow pulses and recovered using an SR
latch. M3 and Mj5 drivers are implemented using capacitively-coupled level-
shifters [30] wherein coupling capacitors Ccg and Ces hold voltages Vysrp

and Vour, respectively. Pull-up resistors pre-charge capacitors (Ccsg)s) to the
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required voltage levels before the start of each switching cycle. The coupling
capacitors Cegs, Ceos and the boot-strap capacitors Cpoore (Cpoorsa/s) are
off-chip as they needed to be about 10 times the gate capacitance of the
power device they were driving. Both the bootstrap and coupling capacitors
are implemented using 1.5 nF 0201 packaged surface-mount capacitors (0.02
in. X 0.01 in.).

2.4.3 Regulation loop

A voltage-mode integral-control loop is used for regulating the output volt-
age. Note that a current source sets the LED current, and as a result,
using a voltage-mode compensator has no bearing on the LED bias cur-
rent as long as the output voltage is sufficiently high to forward bias all the
LEDs and guarantee the desired voltage headroom for the current source.
A transconductance-C stage integrates the difference between the converter
output voltage and the reference voltage and generates a control voltage
(Verre)- The value of compensation capacitor Ce is equal to 20 nF and it
is implemented off-chip. PWM comparator compares Vcrgry, with an exter-
nally fed 1 MHz saw-tooth signal and produces a duty-cycle for the low-side
device of the BST stage. The loop bandwidth is about 1 kHz. The clock for
the SC stage is generated by dividing the BST stage PWM signal by 10. A
ring counter that generates a divide-by-five clock followed by a divide-by-two
stage produces the divided-by-10 signal(100 kHz) with 50% duty-cycle. The
small-signal model for the proposed architecture has been derived based on
the procedure in [16] and is shown below in Fig. 2.19. The duty-cycle to
Vour transfer function is given by Eq. 2.8:

1—3s 4L

D/QRL (2 8)
/ AL 4C R, 4LC, ’
2D 1+ S<D’2RL + Og/T2 q) + g2 D/O2UT

Vour,nc
Gvd =

where, D’=1-D, D being the duty-cycle of the low-side switch of the BST

stage.
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Figure 2.19: Small-signal model for the proposed architecture in continuous
conduction mode.

2.4.4 Discontinuous conduction mode

The converter was operated in the discontinuous conduction mode to improve

the efficiency under light-load conditions (less than 5 mA). A zero-crossing
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Figure 2.20: Zero-crossing detector circuit used in the discontinuous
conduction mode.

detector circuit shown in Fig. 2.20 detects the voltage drop across the high-
side power device and translates it to current. This voltage drop appears as
difference in Vg of M3 and M, which is then converted into a current equal to
isense = gm3aAVes. Trans-impedance amplifier (TIA) implemented using
M7, Mg, Mgy and My, transistors along with the post amplifier ( M7, and Mis)
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convert tspnsg into a rail-to-rail voltage output. Rpag is used to generate
an internal bias current, and Rorrser is used to create an intentional offset
to account for the delay in the zero-crossing detector. M; and M; act as
shielding devices to protect rest of the 5 V devices when the Vgy node goes
to ground potential. The DCM mode improves efficiency by about 10% over
the CCM mode at loads near 1 mA.

2.5  Measurement Results

A prototype converter was fabricated in a 180 nm process and attached to

the test board using a flip-chip package (see Fig. 2.21). Active area is 2.8

mm?.

Figure 2.21: Die micrograph and evaluation board.

Flying capacitors (Crry1 and Crrys) were placed very close to the chip.
During start-up, since all the initial flying-capacitor voltages are much lower
than their steady-state values, the inductor current increases in both its
switching phases, resulting in huge initial inductor current of the order of 2
A (see Fig. 2.25). Since the voltage at Vi;p toggles between the two flying
capacitor voltages, the initial inductor current surge can cause voltage at
node Vyrp to exceed the device rating. To avoid this, the SC-stage switching
frequency is initially increased to 500 kHz, which is five times the steady-state
switching frequency and reduced back to 100 kHz after Crry,; and Crry2 are
charged to Voyr/2 and the output capacitor is charged to Vopr. In addition
to the fast SC-stage switching during start-up, it would also be beneficial to

employ an over-current protection scheme to limit the inductor current under
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Figure 2.22: Steady-state waveforms in CCM.
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Figure 2.23: Steady-state waveforms in DCM.

a safe value. To this end, a simple over-current protection scheme based on
a conventional resistor-based current sensing at the LS power-FET of the

BST stage [31] can be employed. Current sensing can also be performed
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Figure 2.24: Steady-state ripple in CCM at 25 mA load.
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Figure 2.25: Start-up waveforms for Voyr, Varrp and Irnp.

by a sense-FET based current sensor [32] by placing the sense-FET across
the LS power-FET of the BST stage. Relevant steady-state voltages of the
converter with V;y = 3.7V, Voyr = 30 V and I gp = 25 mA in both
CCM and DCM modes are shown in Fig. 2.22 and Fig. 2.23, respectively.
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Figure 2.26: Start-up waveforms for Voyr, Varrp and Iryp, zoomed.
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Figure 2.27: Transient response waveforms for Voyr.

Output voltage (Vour), switching node of the BST stage (Vsw), voltage at
the intermediate node between the BST and the SC stages (Vinp) along
with the inductor current (I1,) waveforms are shown. Voyur and Vyyp have
settled at 30 V and 15 V respectively for both CCM and DCM operations. In
the DCM operation, the ZCD circuit cuts off the high-side switch when the
current through it crosses zero. This results in oscillations in Vgw and I, as
shown in Fig. 2.23, because the parasitic capacitance at Vgw node was still
charged to Vour after the high side switch was turned-off. This provided a
non-zero initial condition to the LC tank formed by the parasitic capacitance
at Vow and inductor L. This results in a small undershoot below zero, in the

inductor current.
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Figure 2.28: Measured efficiencies at different input and output voltages.

Figure 2.24 shows the small-signal ripple on the Voyr and Vi;rp nodes.
The expected shapes of ripple on Vy;;p and Vppr, as explained in Sec. 2.3
E, proves the effectiveness of the time-interleaving approach to avoid large
ripple on the output voltage. Even though Vj;;p experiences large voltage
jumps (~ 200 mV at I gp = 25 mA) caused by the flying capacitors ex-
changing positions, thanks to interleaving of the SC-stage, output voltage
ripple remains less than 20 mV. Figure 2.25 shows the start-up transients for
Vour, Varp and inductor current I;yp. Figure 2.27 shows a full-load step of
0-100 mA causing about a 1 V droop. This is primarily because of the low-
bandwidth voltage-mode control loop. Efficiency over a load current range of
0.5 mA-100 mA was measured under different V;x, Vour, and the results are
plotted in Fig. 2.28. These results were obtained by using a 504015 casing
(5.0 mmx4.0 mmx1.5 mm) 10 pH inductor (DCR = 140 m(2). Efficiency
curves plotted with Voyr =30 V and Viy = 2.5V, 3.7 V and 5 V show peak
efficiency of 91.15% at Viy = 3.7 V/I gp = 30 mA and 92.42% at V;y =5
V/I gp = 45 mA. The converter is functional at Viy = 2.5 V to guarantee
overall system functionality even when the battery is almost fully discharged.

Efficiency curves measured across three temperatures (0°C, 25°C' and 85°C'),
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shown in Fig. 2.29, indicate efficiency degrades by less than 2% across the
temperature range.

Peak efficiency greater than 90% at I pp = 30mA was obtained even when
a smaller volume inductor (25201 casing with DCR = 350 mS2) is used (see
Fig. 2.29). The efficiency in DCM- and CCM-modes is shown in Fig. 2.30.
Efficiency is improved by 10% at 1 mA load current in the DCM mode,
thus proving the effectiveness of the zero-current detector. Summary of the
achieved performance and comparison with state-of-the-art high efficiency
LED drivers is shown in Table 2.2. This work achieves more than 3% effi-
ciency improvement compared to [33], [7] which have comparable input and
output voltages. Compared to [14], the proposed converter’s output volt-
age is 1.7x larger and doesn’t require an extra inductor. In an attempt to
have some comparison data, we measured the performance of our converter
at Vin/Vour of 5 V/20 V and 50 mA load current. The peak efficiency was
93.6% when using the 140 m€ 10 pH inductor. It is difficult to fairly com-
pare this work with [14] because of the differences in the conversion gain (4.5
versus 10), output voltage (20 V versus 35 V), load current (100 mA versus
25 mA), switch ratings (10 V versus 20 V). However, comparing [14] and
this work at a conversion gain of 4.5 and load current of 25 mA (after down-
scaling the losses reported at 100 mA in [14] and keeping the area equal)

shows that the total losses in this works are 18% less compared to [14].

2.6 Conclusion

We presented a new hybrid boost converter architecture for improving the
efficiency of LED drivers used in mobile applications. By cascading a low-
switching frequency time-interleaved series-parallel SC-stage with an induc-
tive boost converter, we demonstrated that switching losses can be greatly re-
duced. Charge-sharing losses of the SC stage are minimized by soft-charging
flying capacitors with the inductor of the boost stage. Fabricated in 180 nm
BCD process, the prototype converter generates 30 V output voltage from a
Li-ion battery source and can provide a load current in the range of 0 to 100
mA with an excellent peak power efficiency of 91.15% at 30 mA. Compared to
state-of-the-art designs, the proposed converter achieves a 3% improvement

in peak power efficiency.
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CHAPTER 3

A 1% LINEAR DUTY-CYCLE SENSOR
FOR CURRENT SENSING APPLICATIONS
IN BUCK CONVERTERS

3.1 Introduction

Current sensing in DC-DC power converters is required for several reasons.
Most common applications include filter based inductor-current sensor used
in current mode control schemes [34],[3]. Embedded software of portable
devices such as mobile phones and tablets, need the DC load current in-
formation to optimise their operation, enhancing battery life [35] [2]. Such
optimisations include reducing system clock frequency, shutting down mod-
ules not required by the currently operations and estimating available battery
life for portable devices. Output current sensing is needed in over-current
detection modules which protect the DC-DC converter and the PCB from
excessive currents [36]. Even though the sensing accuracy requirement is
driven by the application, higher accuracy leads to lesser overhead in design.
For instance, a 10 A over-current sensor with 20% inaccuracy can trip any-
where between 8 A and 12 A. For applications requiring 8 A current limit, the
system must handle up-to 12 A resulting in significant overhead in design.

Reported current-sensing schemes can be broadly divided into two cate-
gories: filter-based and current-mirror based approaches. The filter based
approach, primarily used in current-mode control schemes, essentially em-
ulates the inductor-ESR time constant with an RC-filter placed in parallel
with the inductor as shown in Fig. 3.1 [34]. The time-constant matching re-
quirement, makes this approach very sensitive to temperature variation and
manufacturing tolerances of passive components, resulting in a large sensing
error of £25%. Replacing the passive filter with an active filter and cali-
brating its time constant leads to a reduced error of +£18% [37], but remains
sensitive to inductor variation across the load range.

The current-mirror based approach produces a scaled copy of the current
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Figure 3.1: Filter-based current sensing.

through the high-side(or low-side) FET, M1, using a replica FET, M3, as
shown in Fig. 3.2. This approach achieves a better performance of £4% [38][39].
It is primarily limited by matching errors in the replica MOSFET and offset
and settling errors in the amplifier used for matching drain voltages for both
the main and the replica MOSFETsS.

L Vx Iz = K¥lg
V, _ (WIL)wm1
M3 I_II' £ Vin k=
AVos —— (WIL)m3
Ve
M4
Vs
RS

Figure 3.2: Replica current based current-sensing.

We observe that the duty-cycle of a well-regulated DC-DC power converter
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carries the load current information and hence can be used for current sens-
ing. This paper explores an alternative approach that uses duty-cycle as a
sensing variable for load current. As will be discussed later, duty-cycle ex-
hibits a linear proportionality with load-current of regulated inductive buck
converter. Hence the converter output voltage and the PWM control signal
are assumed to be available from outside for the validation of this work.
Rest of the paper is organized as follows. Section 3.3 presents the proposed
architecture. Circuit implementation details of key building blocks are de-
scribed in Section 3.4. Experimental results from the test chip are presented

in Section 3.5. Key contributions of this paper are summarized in Section 3.6.

3.2 Duty-cycle as sensing variable

In a regulated DC-DC buck converter, the duty-cycle of the power switches
change to maintain the desired output voltage across the output current
range. This can be understood by using the average model of the power
converter as shown in Fig. 3.3. In the model, R, represents the effective

resistance along the output current path and is expressed by Eq. 3.1.

Rout - D * Ron,Ml + (]— - D) * Ron,MQ + RESR (31)

where, D is the duty-cycle of the buck converter.

Under no-load condition, the duty-cycle of the low-side FET is given by
Eq. 3.2. When the buck converter is placed under a non-zero load condition,
the PWM controller compensates for the voltage drop across this resistor by
increasing the duty-cycle of the buck converter. Let the duty-cycle with no
load and some non-zero I poap be Di and D, respectively. Then from the

average model it follows that,

Vour = D1+ Vin (3.2)
Vour = D2 x Vin — Iroap * Rour (3.3)

Subtracting Eq. 3.2 from Eq. 3.3, we get the following expression.

AD = I oap * Rour/Vin (3.4)
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Figure 3.3: Average model for buck converter.

Eq. 3.4 shows that, for a fixed Royr and Viy the excess duty-cycle from
the PWM controller with respect to the no-load duty-cycle has a linear rela-

tionship with the load current as shown in Fig. 3.4.
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Figure 3.4: Load current information in duty-cycle.
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3.2.1 Sources of error

Since slight changes in D also changes Royr, the assumption of Ropr being
fixed across the output current range needs to be reconsidered. But for high-
efficiency buck converters with low R,,; values, the change in R,,; is much
less than the change in duty-cycle and results in a very small linearity error.
For instance, 1.8 V Vin, 1 V Voyr with a load range of 0 to 16 A and Ron, us,
Ron s being 10 mQ and 4 m€ respectively, results in only 0.8% change in

the output impedance from no-load to full-load, as shown in Fig. 3.5.

0.00
-0.02
S
5-0.04
£ I
5 I
5 I
«—0.06 Vour=1V
— V=5
—0.08F — Vin=4 ;
[ — Vw=3 Rour =D*Ronpns + (1-D)*RonLs
| —— Vin=2
—0.10=="35"""50"""75 100 125 150 175 200

Load current [mA]

Figure 3.5: Percentage Royr variation with load current for a DC-DC buck
converter.

Another source of error non-zero dead-times in the switching cycle. This
leads to excess voltage drop due to the load-current dependent reverse-bias
diode drop of the power switches. As the load current increases, the reverse-
bias of the body diode increases during the dead-time. This results in excess
duty-cycle from the PWM controller in order to account for this voltage drop
and maintain the required output voltage. This is shown Fig. 3.6, where a
1.8 V/1 V Vin/Vour DC-DC buck converter was simulated and the duty-
cycle obtained through simulation is compared the duty-cycle derived from
Eq. 3.3. The difference in slope is attributed to the dead-time dependent
duty-cycle changes.
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The third type of error is due to the varying input voltage. The input volt-
age can change during operation, which will also produce very large changes
in duty-cycle. Therefore, a reference current might be required to calibrate
the sensor periodically. This reference current can be generated by a band-
gap reference and external resistor. The excess duty-cycle due to this known
reference current can be used as a reference for measuring the actual load
current.

Other errors include self-heating induced changes in LDMOS ON resistance
variation, finite rise and fall times of the gate driver output signals driving the
gates of LDMOS, causing non-linearity in the measured current value. The
measured current value therefore needs to calibrated to account for these
errors and also digitised in order to be easily used by the microprocessors
which will use this information to optimise their operation. Hence we propose
a time-based ADC for digitising the duty-cycle of the power converter. In
this prototype, an externally fed PWM signal is digitised without actually

implementing the power converter.
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3.3 Proposed Architecture

This section introduces the proposed duty-cycle sensor architecture and the

analysis required to describe it’s operation.

3.3.1 Duty-cycle sensor architecture

The basic idea of the sensor architecture is illustrated in Fig. 3.7. It consists
of an analog integrator (G, — C), analog duty-cycle subtractor, an inverter
(M1,M2) and an RC-filter to extract the DC output of the inverter. The
objective of the loop is to extract the duty-cycle difference between a loaded
and an unloaded buck-converter. M1 and M2 make up the replica unloaded
converter. Since it carries no DC current, M1, M2 resistances are not im-
portant. This avoids any matching requirement with the main buck power
stage. Because a no-load buck converter would require smaller duty-cycle to
get the same output voltage as a loaded buck-converter, a duty-cycle sub-
tractor consisting of an analog controlled delay generator and an AND gate
is used. The analog delay block generates a delay proportional to the in-
tegrator output voltage( K, Vorgr), which is subtracted from the duty-cycle
of the loaded converter(D) and the resultant duty-cycle(D’) is applied to
the replica buck-converter. The output of this replica converter(D'V;y) is
low-pass filtered and fed back into the intergrator, closing the loop. The
negative feedback forces the replica converter output(D’V;y) to be the same
as the buck-converter output voltage(Voyr). This in-turn forces the inte-
grator output voltage(Vorgr) to be linearly proportional to the duty-cycle
difference(AD) between the loaded buck-converter and the unloaded replica
converter. The accuracy with which the integrator output represents AD
depends on the loop gain, which is defined by Eq. 3.5. Here K is the gain
of the analog delay generator with units of s/V and T is the period of the
power converter PWM signal, which for this work is 1 MHz.

GmRout * K’r
(14 sRoutCromp)(1 + sRLprCrpr)  Trwm

The variation in duty-cycle depends on the load range, Royr and Viy,

LG(s) = (3.5)

as seen in Eq. 3.4. For this work, Fig. 3.4 shows the duty-cycle variation.
This is for a 1.8 Vin, 1 Voyr DC-DC buck converter over a load range of
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Figure 3.7: Conceptual duty-cycle analog loop.

30 mA-140 mA. The output impedance for this converter is about 200 m¢).
Such a choice was made keeping in mind the 1 V supply voltage for the
microcontroller and the 1.8 V input for the buck converter supply. Since
the maximum duty-cycle to be measured is about 20 m at 1 MHz switching,
the analog delay generator needs to produce a linearly controlled delay in
the range of several nano-seconds, which is difficult to achieve in an analog
implementation. In order to circumvent this issue, a 1-bit delay DAC was
used as shown in Fig. 3.8. This 1-bit delay DAC consists of a single delay
element and a digital multiplexer which selects between the delayed and
undelayed PWM input. The select bit of the multiplexer is derived from a
1-bit voltage quantizer implemented as a clocked comparator at the output
of the error amplifier. The sampling clock of the comparator can be the same
as the PWM clock of the converter. Since a 1-bit delay DAC is inherently
linear, the average value of the bit-stream at the select bit of the multiplexer
represents the AD required to produce the output voltage from the replica
converter. The quantisation noise in the bit-stream has a large harmonic
content due to the DC nature of the AD input, as shown in Fig. 3.9. This
results in poor SQNR within the signal bandwidth.

In order to improve SQNR and reduce the harmonic content in the quan-

tisation noise, a VCO-based quantiser [40] is used instead of the comparator,
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Figure 3.9: Power spectral density at the output of the clocked comparator.

as shown in Fig. 3.10. This results in second-order noise-shaping within the
loop bandwidth and first-order noise-shaping beyond the loop-bandwidth,
with significant reduction in low-frequency harmonic content. The PSD of
the output bit-stream is shown in Fig. 3.11. The loop gain transfer function
with the VCO-based quantiser is shown in Eq. 3.6, where T,., is the vco
output period and AD,,,. * T, is the delay provided the 1-bit delay DAC.
G Rout * AD o 2T

* (3.6)

LG(s) =
(8) (1 + SRouthomp)(l + SRLPFCLPF) Tvco
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Figure 3.11 shows the simulated PSD of the output bit-stream for a DC
AD input of 4 m with a sampling frequency of 1 MHz. The vertical lines
represent cut-off frequency for an ideal filter with the corresponding OSR and
SQNR numbers in their respective boxes. Thanks to the extra-order of noise-
shaping from the VCO-based quantiser, low frequency harmonic content is
negligible, while the higher frequencies display significant tonal behaviour.
The loop-bandwidth was designed to be 1 KHz. The VCO phase-noise and
input noise from the buck-converter output fills up the low-frequency noise
floor. Beyond the loop-bandwidth, 20 dB/decade noise shaping comes from
the VCO-based quantiser.

In addition to the change in R,,;, finite loop gain of the PWM control also
contributes to the error in AD at a given load current. Minimum AD to be
measured and the accuracy requirement dictates the loop gain necessary to
meet the desired specifications. This minimum AD needs to be fixed based
on the load range and R, of the power converter which varies widely with
applications. The minimum voltage Ij,qqRou(directly proportional to AD)
which a current sensing scheme can measure, is a more convenient way of
comparing existing current sensing architectures with the proposed approach.
The conventional scheme(see 3.2) can measure [joqqRou: as low as 12 mV [38].
This work targets to measure a minimum ijyqq Row 0f about 5 mV (R, = 200
mS), Viy = 1.8 V, AD,,;, = 3 m) with at-most 1% error which translates to
a PWM control loop gain of at-least -20*log(0.01*0.005)=86 dB.
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Figure 3.11: Power spectral density for a fixed duty-cycle input.

3.4 Circuit Implementation

The key building of the duty-cycle sensor loop is discussed in this section.

3.4.1 Error amplifier

The error amplifier gain is critical to maintain the overall loop gain of the
duty-cycle sensing loop. Figure 3.12 shows a two-stage amplifier with an
overall gain of 100 dB was used with the miller capapcitor forming the dom-
inant pole in the loop transfer function. Chopping switchs are placed at the
input and de-chopping switches are placed at the output of the folded-cascode

stage of the amplifier in order to reduce flicker noise and offset-errors.

3.4.2 Delay cell and replica buck converter

Provided a certain switching frequency, the delay-cell specifies the maximum

duty-cycle difference the sensor loop will detect. For a 1 MHz switching
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Figure 3.12: Error amplifier.

frequency, detecting a AD up-to 16 m requires the delay cell to produce at-
least 16 ns of time-delay. In this work, the inverter-chain delay-cell produces
a maximum delay of 26 ns, comfortably covering the required range of delays
needed to detect the required AD range. The replica converter is composed
of minimum sized 1.8 V devices followed by a low-pass filter with a 3 dB
cut-off frequency at 160 KHz. To minimize its effect on loop stability, the
filter cut-off frequency was selected to be low enough to minimize the output

ripple, but above the unity-gain frequency of the sensor control loop.

3.4.3 VCO-based quantiser

The VCO-based quantiser [40] is composed of a voltage-controlled oscillator
(VCO) and a digital 1-bit subtractor formed by two flip-flops and an EXOR
gate. The sampling clock for the flip-flops can be the power converter PWM
signal. The output of the VCO-based quantiser is a 1-bit measure of the
number of the VCO output clock edges in one period of the sampling clock.
Even though the integrator suppresses any VCO non-linearity, a supply-
controlled VCO is used in order to reduce VCO control-voltage to output

frequency non-linearity in the first place.
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3.5  Measurement Results

A prototype duty-cycle sensor was fabricated in an 65 nm process tested with

externally provided duty-cycle and voltage to mimic the signals coming from

a real power-converter (see Fig. 3.13). Active area is 0.3 mm?.
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Figure 3.13: Die micrograph.

The output bit-stream was recorded in Tektronics Logic Analyser and
passed through a digital low-pass filter and averaged in MATLAB to obtain
the DC value. The PSD of the output bit-stream of the tested prototype
is plotted in Fig. 3.14 for different duty-cycle inputs. There is high tonal
behaviour at higher frequencies, as seen in the simulated PSD, but there is
an increase in low-frequency noise floor which degrades the SQNR at high
oversampling rates. Noise in DC voltage input emulating the buck converter
output has a significant impact on the noise PSD of the output bit-stream.
Because any noise in the DC voltage source is construed as noise in the duty-
cycle by the sensor loop, this can be observed by the increased low-frequency
noise floor in the output bit-stream PSD. Figure 3.15 plots the bit-stream
average value vs the input duty-cycle and the residual error obtained from
the difference between the measured bit-stream average and function ob-
tained using linear regression fitting. A maximum error in linearity of 1% is

observed.

50



10— LA E———
E duty=0.569

-20 — duty=0.570
—30f —— duty=0.571 E
E = duty=0.572

_a0f duty=0.573

—50F

PSD [dB]

—60F
—70F
—80F

—90F

L L ([
Frequency [Hz]

-109

Figure 3.14: Prototype output bit-stream PSD.

o
©

T T T
O Sensor output average
[ === ]inear regression fit

o
=)

Bit-stream average
=) o
) »

Error[%]
=}
=)

~5:9675 05700 0.5725 0.5750 0.5775 0.5800 0.5825 0.5850 0.5875
Duty-cycle

Figure 3.15: Sensor output with residual error plot after linear regression fit.

3.6 Conclusion

We presented a new duty-cycle sensing technique achieving 1% linearity over
a duty-cycle change ranging from 3 m to 16 m, which makes it suitable
for detecting small changes induced by load current in the duty-cycle of a
buck converter. This technique does not require any extra resistive sense
element in the power stage, nor does it require any matching between the
power devices and the replica converter devices and has negligible power
penalty. Combined with a power converter, this technique can achieve good

DC current sensing performance.
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CHAPTER 4

A 400 KHZ RC RELAXATION
OSCILLATOR WITH 16 PPM /¢ C
INACCURACY AND 2.5 PPM/MV SUPPLY
SENSITIVITY

4.1 Introduction

RC relaxation oscillators (RCOs) serve as efficient integrated clock sources in
low power bio-medical and wearable applications and as real-time clocks to
implement calendar functions. While they are area/power-efficient and well
suited for integration in standard CMOS processes, their performance is de-
graded by temperature and supply variations. Specifically, the temperature
dependence of the resistor and comparator offset/delay severely deteriorate
their frequency stability. The problem of comparator offset/delay variation
has been addressed extensively in prior art. For example, making the com-
parator delay much smaller than the entire period and chopping its input
alleviates the comparator delay part of the frequency variation to a large
extent [4]. But such techniques are difficult to implement when the required
oscillation frequency increases beyond a few megahertz. At such frequencies,
sampling the comparator delay and integrating it [41] or integrating the
whole RC settling waveform to derive the period information [42], or gener-
ating a reference pulse free from comparator delays using a replica compara-
tor [43] have proven useful. While the impact of comparator imperfections
can be alleviated by circuit techniques, addressing the TC of the resistor is
a lot more challenging. One way to address the resistor temperature vari-
ation issue is at the fabrication level. It has been shown recently that it is
possible to make zero temperature coefficient resistors which provide decent
references for RCOs [4], [44]. But these resistors have zero temperature de-
pendence only to the first order and their comparatively large second order
temperature dependence has a degrading effect on the temperature stability
of the oscillator. Another more popular way to approach this problem is to

use composite resistors made of a combination of resistors having different
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Figure 4.1: Temperature coefficient variation under process variation.

temperature coefficients. But these composite resistors have temperature
coefficients which heavily depend on process variations [45].

For instance, consider two resistors with temperature coefficients 1500
ppm/° C and -200 ppm/° C. After combining these resistors in the required
proportion so that the combination gives 0 ppm/° C in series and parallel
combination, the temperature coefficient variation under process variation
is plotted in Fig. 4.1. Implementing the resistor by using combinations
of resistors with opposing temperature coefficients (TCs) can lower the fre-
quency inaccuracy to about 5000 ppm [46]. However, improving it further
is challenging because it requires large trimming range. Secondary effects

introduced by the trimming switches such as their on-resistance and leakage
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further degrade the temperature characteristics of the resistor.

In view of these drawbacks, this paper describes a method for improving
the frequency inaccuracy of RCOs by interpolating between resistors with
opposing temperature coefficients. Fabricated in a 65 nm CMOS process,
the prototype 400 kHz RC relaxation oscillator achieves an inaccuracy of
+1000 ppm (16 ppm/° C) across temperature range of -40° C to 85° C, 2.5
ppm/mV voltage sensitivity, and 5.7 ppm one second Allan deviation.

Rest of the paper is organized as follows. Section 4.2 and 4.3 introduces
the proposed architecture and discusses the calibration procedure, section
4.4 deals with the circuit implementation details, section 4.5 shows measured

results from the fabricated prototype and section 4.6 summarizes the findings.

4.2 Proposed Architecture

The key concept behind the proposed RCO is illustrated in Fig. 4.2. Consider
the two RC relaxation oscillators, RCOy, and RCOp, that use different
resistors, Ry and Rp, to implement the reference time constant, but are
identical otherwise. Assuming the temperature coefficient of Ry (T'Cy) and
Rp (T'Cp) have opposite signs, the frequency (Fy/Fp) of the output clocks
(CKy/CKp) generated by RCOy and RCOp exhibit opposing dependencies
on temperature. Therefore, we postulate that near-zero TC can be achieved
by producing an output clock (C'Kopr) whose frequency, Fopr, is a weighted
sum of Fy and Fp. To this end, we propose to generate C'Koyr by selecting
between CKy and C'Kp using a simple 2-to-1 multiplexer controlled by a
select signal, SEL. The duty cycle, D, of the SEL signal is chosen such that
the TC of C' Ky is cancelled with that of C'Kp at least to the first order, as
shown in Eq. 4.1.

Four =D Fy+ (1 —D)x Fp (4.1)

While this approach provides a precise and straightforward way for cancel-
ing first-order TCs, it suffers from two critical drawbacks. First, switching
between two asynchronous clocks (CKy and C'Kp) produces glitches that
can degrade frequency accuracy significantly (see Fig. 4.2). Second, using
two RCOs doubles the area and power, which is unacceptable in many ap-

plications. We address these two drawbacks by generating F'p and Fy using
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Figure 4.2: Illustration of the proposed RCO temperature compensation
scheme.

a single RCO, wherein a multiplexer is used to choose between Rp and Ry
as depicted in Fig. 4.2. Glitches in the output clock that may occur while
switching between the resistors are avoided by synchronizing the multiplexer
select signal with the output clock.

A detailed schematic of the RCO is shown in Fig. 4.3. The basic building
blocks include bias circuit, comparator, chopping switches, digital PWM
generator and passive components(R and C) to set the oscillator period.
The bias circuit generates a current I which is then mirrored into M; and
Ms. This current I then either flows in to capacitor C or one of the resistors
Ry or Rp. During phase ¢ M; pumps current I into the resistor Ry or
Rp depending on value of the SEL being 1 or 0 respectively and M, pumps
current into capacitor C and vice-versa during phase ¢. The ramp voltage
generated across the capacitor C is then compared with the voltage across

Ry or Rp for SEL bit being 1 or 0 respectively.
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Figure 4.3: Proposed RCO architecture.

For simplicity, ignoring the impact of mismatch and offset, the period of

the oscillator can be expressed as in Eq. 4.2.
TRCO = t¢ + ta (42)
where both ¢4 and ¢ can be expressed as in Eq. 4.3

Rp(T)C + t4(T), if SEL=0
t¢(07’ ta): P< ) d( ) ' (43)
Ry (T)C +t4(T), if SEL=1

where t4(T) represents the comparator delay which is a function of absolute
temperature 7. Note that the current steering switch resistances have no
impact on the oscillator period as the input to the comparator does not
include the voltage drop across the switches S;_4. The comparator is chopped
to mitigate its offset and flicker noise by using the switch matrix [4]. The
chopping switch resistances of switches S5_g does not impact the period as
there is no DC current flowing through them.

As can be seen from Eq. 4.2, the period of the oscillator is different for SEL

bit being 0 or 1, but the temperature compensation happens over the average
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period of the oscillator. The steady-state operation is illustrated in Fig. 4.4.
Assuming the period is Tp and Ty for SEL = 0 and SEL = 1 respectively
and the duty cycle of the SEL signal is D, then the average period of the os-
cillator can be described as in Eq. 4.4. Glitches while changing the switching
frequency are avoided by making the resistor transitions synchronous with
the output clock and the duty cycle information is encoded digitally as a
15-bit digital codeword (DCW). A pulse-width modulator (PWM) converts
the digital codeword (DCW) into a PWM output signal, SEL, used to choose

between Rp and Ry.
TrcOag = D*Tn + (1 — D) xTp (4.4)

D and subsequently DC'W must be selected in such a way to cancel the
first-order temperature coefficient of Trco. The choice of D and design

considerations regarding it’s implementations is presented in detail in section
4.3.
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4.3 Calibration Procedure

The goal of the calibration procedure is to find the right DCW. The calibra-
tion is done by observing the output period as it is directly proportional to

the RC' time constant for the oscillator, as shown in Eq. 4.5.

Rp(T)C + t4(T), if SEL=0
TRC’O =2 X P( ) d( ) : (45)
Ry(T)C + to(T), if SEL=1

where, t; refers to the combined delay of the comparator and the digital
circuitry following it and is a function of temperature T'. The first step is to
find the periods at 2 different temperatures 77 and 15 for both resistors Rp
and Ry by setting SEL = 0 and 1 respectively. Let the measured periods
be called Tp(T1), Tp(T3), Tn(Th) and Ty (Ts). Then the first order slope of
the period for SEL bit set to 0 and 1 is given by Eq. 4.6.

Tp(Ty) — Tp(T?)

e T2 =1 (4.6)
o — Tn(Ty) — Tn(Th)
N T, — T,
Now, the required duty cycle D,., can be calculated from Eq. 4.7.
ap
Dy = ——— 4.7
b= (@)

It should be noted that there is tight accuracy requirement on D. The
inaccuracy in D will result in an inaccuracy in the interpolation between
the 2 periods Tp and Tx. The impact of inaccuracy in D can be explained
using an example. Let’s assume ay and ap to be —300 ppm/° C and 150
ppm/° C respectively. The D,., calculated from Eq. 4.7 is 1/3. Let D be
encoded using an N-bit binary codeword DC'W. Then the quantization error
in DCW , € can take a maximum value of 27, Then DCW can be expressed
as in Eq. 4.8.

DCW = D,y + € (4.8)

Replacing D with DC'W in Eq. 4.4 and expressing Ty and Tp as in Eq.

4.9, it can be shown that there will be a residual first order temperature
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increased for ay = —300 ppm/°C and ap = 150 ppm/°C.

co-efficient of the average period which depends on € as shown in Eq. 4.10.

TN = TN()(]. + OZNAT)

(4.9)
Tp = Tpo(l + OZPAT)

where Tpy and Ty are oscillation periods for SEL = 0 and SEL = 1

respectively at room temperature.

TRC’O,avg = DCW % TN + (1 - DCW) * Tp (4 10)
= TRrcO.avg0 + € * (an — ap)AT

where Trco,avg,0 average oscillation period at room temperature and can be
expresses as DCW x T+ (1 — DCW ) *Tpg. This error term in interpolation
is calculated for different N and plotted in Fig. 4.5. The choice of N should
be such that the residual error in slope interpolation be much lower than the

higher order temperature co-efficients of the oscillator period.
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Once N has been chosen to meet the requirements specified thus far, some
consideration must be given as to how to implement this DCW . The imple-
mentation must maintain the resolution of DCW and also make the transi-
tions between Rp and Ry completely synchronous with the output clock so
as to not introduce any non-linearity in the interpolation of the two different
periods. In order to do this, D is implemented by counting the cycles of the
RCO output clock as shown in Fig. 4.4. Consider that SEL = 1 for N,
cycles and SEL = 0 for Ny cycles. Then the average period Trco avg OVer
Nj + Ny cycles is given by Eq. 4.11.

(N1 + NQ)TRCO,avg = N1 * TN + Nz * TP (411)
where, Tp and Ty are the RCO output periods with SEL = 0 and 1 respec-
tively. From Eq. 4.11, the D can be calculated as:

N
D=-—-1_
Ny + N,

From Eq. 4.12 it can be seen that the inaccuracy of D can be made arbitrarily

(4.12)

small by choosing arbitrarily large values of Ny + Ny. For this work, N; +
N, was set to be 2'° — 1, and the residual error in interpolation is about
0.02 ppm/° C. This is much less than the expected error in period over a
temperature range of -40° C to 85° C. Thus, the DCW can now be calculated
by the relation in Eq. 4.13.

DCW = N; = round((Ny + Na) * Dyeq) (4.13)

Note that the instantaneous period will be very different from the average
period, but over Ny + N cycles, the average period will be an accurate linear
combination of the periods due to Rp and Ry, without the use of complicated

switch matrices.
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4.4  Circuit Implementation

4.4.1 Comparator

The schematic of the comparator is shown in Fig. 4.6. It is implemented
using two gain stages composed of a resistively loaded PMOS input fully-
differential amplifier followed by a differential-to-single ended (D2S) stage.
The D2S is implemented using a current-mirror loaded OTA and provides
rail-to-rail output signals. Thanks to the fully-balanced first stage, noise con-
tribution from the tail current source transistor, Mp;, is much suppressed
and the comparator supply noise immunity is significantly improved. Sim-
ulated phase noise spectral density at 1 Hz off-set was observed to be 8.73
dBc/Hz. In order to convert this number to the time-domain Allan variance,
we can use Eq. 4.14 [47].

<UZ(N, T, 1)) =

N I sinz(wa){ _ sin?(rr fNT)

0 Sy(f) (rf7)? N2sin?(mr f)

o1 }df (4.14)

where, N is the number of data points used to calculate the variance, T
is time interval between the beginnings of two consecutive measurements of
average frequency, 7 is the duration of averaging period of the output clock
waveform and r = T/7 . For the 2-point Allan variance that is generally
reported as a measure of frequency stability, N = 2, T" = 7, hence r = 1.
Replacing these values in Eq. 4.14, we get Eq. 4.15.

) I sint(mfr)

o,(r) = 2/0 Sy(f)wdf (4.15)
where, for both Eq. 4.14 and 4.15, S,(f) = (f/f0)*Ss(f) and fy is the
nominal frequency of the oscillator. The time-domain Allan variance was
calculated to be 7 ppm which is 3x lower compared to the conventional case
of using a D2S as comparator [4].

To avoid glitches at the comparator output, hysteresis is added by intro-
ducing a small output-dependent mismatch between the load resistors in the
first stage. This is achieved using switches S; and S, that short a tiny portion
of the load resistors to ground (see Fig. 4.6). When Vp < Vi, ¢ = 0, hence
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switch Sy is "OFF” and switch Sy is 7ON”. This creates a slight imbalance
between the resistor loads of the two branches of the first stage. Similarly,
when Vp > Vy, the imbalance is in the opposite direction, which results in
some hysteresis. The amount of hysteresis is proportional to the small resis-
tance(50 k2) added in series with the main load resistor(1 MS2) and was set
to be about 7 mV. Since each stage is current biased, the supply sensitivity of
the delay of the comparator is very low. The comparator is biased by PTAT
current source and consumes 3 A at room temperature. The PTAT biasing

reduces the comparator delay variation to within 1% of the total period.
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Figure 4.6: Comparator schematic.

4.4.2 Resistor and capacitor selection

Resistor selection is done based on a two primary characteristics. First,
Rp and Ry should have opposing first order temperature coefficients and
preferably lower higher order dependencies on temperature. Secondly, they
should occupy small area. In order to reduce power consumption, the current
through each resistor branch is 200 nA. The nominal value of the resistors
is chosen to 1 MS). Therefore, the input common mode to the comparator
is 200 mV. The multiplexing between the resistors is done through through
switches in series with Rp/Ry. The switches are large enough to make their
"on” resistance small compared to the 1 MfQ resistors. Rp is implemented

as a composite resistor of silicided P+ poly resistor and un-silicided P+ poly
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resistor. The silicided resistor was used to reduce the second order compo-
nent of the unsilicided poly-resistor. Ry is implemented using unsilicided
N+ polyresistor. Post layout simulations indicate the residual second order
dependency left after first order compensation is about 2000 ppm across a
temperature range of -35° C to 85° C.

MIM capacitors have much lower temperature dependence compared to
the resistors. Capacitor C (see Fig. 4.3) is chosen to be 1 pF MIM capacitor.
In this implementation, this capacitor has not been trimmed. Note that one
of the drawbacks of this architecture is the average frequency of oscillation
is not fixed. Due to process variation, the nominal values of the resistors
and capacitors may change, which may change the nominal frequency of the
oscillator at room temperature from part to part. Some of this variation may

be countered by trimming the capacitor C.

4.4.3 DBias generation

PTAT bias generation using a constant-Gm biasing scheme as shown in
Fig. 4.7 has been adopted for this work. Note that this current has no
role in setting the RC time constant of the oscillator. The purpose of this
PTAT bias current is to mitigate some of the delay increment in the com-
parator with increasing temperature. The biasing resistor is implemented
using a composite resistor consisting of P+ and N+ poly resistors so that

the resistor has zero temperature coefficient at-least to the first order.
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Figure 4.7: Constant-G,, biasing.
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4.4.4 Counter

The SEL signal with the desired duty cycle is generated using a counter-
based digital pulse-width modulator circuit shown in Fig. 4.8. It consists of
a 15-bit counter and digital comparator. The counter produces a saw-tooth
waveform that takes values from 0 to 2!° — 1. The comparator sets SEL = 1
when the counter output is larger than the 15-bit input digital control word
and SEL = 0 when it is smaller. As a result, the duty cycle of the SEL signal
can be controlled with a resolution of about 0.02 ppm/° C as was discussed

in Section 4.3.

(_Pi 3<P PWM 0
- Generator T
15-bit DCW
Counter
15} [ ¢ .
Dcm’ - 3 3 time
SEL SEL
15 >—> Re-timer[—o Rl s B
DCW B/~ time

Figure 4.8: Counter schematic.

4.5 Measurement Results

A prototype of the proposed RCO was fabricated in a 65 nm CMOS process.
The oscillator operates from a 1.6 V supply and consumes 7.2 W of which
11% is consumed by the PWM generator. Eight RCO samples, each of which
is packaged in a QFN package, are characterized across a temperature range
of -40° C to 85° C. To illustrate the proposed TC cancellation scheme, Fp
and Fy are measured by forcing SEL = 1 and SEL = 0, respectively, for 1
sample and plotted in Fig. 4.9.

TCp and TCy calculated from these plots are about +118.3 ppm/° C
and -475.9 ppm/° C, respectively. The optimum duty cycle, Dopr, needed
to compensate T'Cp/TCy, was calculated off-chip using measured Fp/Fy
at only two temperatures ( 40° C and 85° C) and written into an on-chip
15-bit DCW register. The measured Foyr using Dopr = 0.2173 shown at
the bottom of Fig. 4.9 closely matches the calculated, Foyr = DoprFn +
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Figure 4.9: Measured Fy and Fp across temperature and
measured /calculated Fopr using optimal duty cycle.

(1 — D)Fp, which verifies that the proposed TC compensation scheme can
precisely cancel the first-order TC of the RCO.

The measured frequency error plots (see Fig. 4.10) for eight samples indi-
cate frequency inaccuracy is less than +1000 ppm or equivalently 16 ppm/°
C. The measured frequency error across a supply voltage range of 1.6 V to
2 V shows that the worst-case supply sensitivity is only 2.5 ppm/mV (Fig.
4.11). The measured Allan deviation in 1-second strides is 5.7 ppm (see Fig.
4.12), which is 3x better than [4], thanks to the proposed comparator. The
performance of the RCO is summarized and compared to the state-of-the-art
relaxation oscillators in 4.1. The proposed RCO achieves the best reported
temperature stability but with more than 7.5x better power efficiency com-
pared to [48]. Die micrograph is shown in Fig. 4.13 and active area is 0.027

mm2 .
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Figure 4.13: Die micrograph.
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4.6 Conclusion

A temperature-compensated relaxation oscillator architecture that achieves
excellent frequency stability with a low active area is presented. Frequency
stability across a wide range of temperature is improved by precisely interpo-
lating between resistors with opposing temperature coefficients. By obviating
the need for a large trimming network of switches and resistors, it achieves
excellent frequency accuracy across PVT. Fabricated in 65 nm CMOS pro-
cess, the prototype 400 kHz oscillator achieves an inaccuracy of 16 ppm/°
C (-40° C to 85° C), 2.5 ppm/mV voltage sensitivity, and 5.6 ppm Allan

deviation in one-second strides.
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CHAPTER 5

CONCLUSION

High efficiency DC-DC power conversion is essential for high-performance
battery-operated portable electronic systems. In the first part of this work,
a novel architecture for a boost converter used in LED driver is presented.
The architectural evolution and the implementation details are explored.
By cascading a low-switching frequency time-interleaved series-parallel SC-
stage with an inductive boost converter, we demonstrated that switching
losses can be greatly reduced. Charge-sharing losses of the SC stage are
minimized by soft-charging flying capacitors with the inductor of the boost
stage. Fabricated in 180 nm BCD process, the prototype converter generates
30 V output voltage from a Li-ion battery source and can provide a load
current in the range of 0 to 100 mA with an excellent peak power efficiency
of 91.15% at 30 mA. Compared to state-of-the-art designs, the proposed
converter achieves a 3% improvement in peak power efficiency.

But further improvement in this work is possible by incorporating current
mode control to improve the existing transient response time from a few milli-
seconds to a few micro-seconds. One possible way to implement current mode
control is to use the conventional current sensing schemes to sense the low-
side switch current of the boost stage as shown in Fig. 5.1. Both sense-FET
based and filter-based current sensing can serve as a solution for sensing the
inductor current.

In the second part of this work, a duty-cycle sensor was presented as a pos-
sible alternative to existing current-sensing schemes for system level power
optimisation in microprocessor-based applications. The new duty-cycle sens-
ing technique achievs 1% linearity over a duty-cycle change ranging from
3 m to 16 m, which makes it suitable for detecting small changes induced
by load current in the duty-cycle of a buck converter. This technique does
not require any extra resistive sense element in the power stage, nor does it

require any matching between the power devices and the replica converter
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devices and has negligible power penalty. As a future work, this technique

needs to be successfully deployed in a high-power buck converter system, as
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shown in Fig. 5.2, where the sensor needs to be immune to high levels of
substrate noise from a working buck-converter.

In the third part, a temperature-compensated relaxation oscillator archi-
tecture that achieves excellent frequency stability with a low active area is
presented. Frequency stability across a wide range of temperature is im-
proved by precisely interpolating between resistors with opposing temper-
ature coefficients. By obviating the need for a large trimming network of
switches and resistors, it achieves excellent frequency accuracy across PVT.
Fabricated in 65 nm CMOS process, the prototype 400 kHz oscillator achieves
an inaccuracy of 16 ppm/° C (-40° C to 85° C), 2.5 ppm/mV voltage sensitiv-
ity, and 5.6 ppm Allan deviation in one second strides. One of the drawbacks
of this architecture is that the instantaneous frequency toggles between two
nearby values. One possible way to have a fixed output frequency is to have
a frequency-locked loop (FLL) whose reference time period is derived from
the proposed high-accuracy interpolation between the resistors of opposing
temperature coefficients. This way the output clock-period can be controlled
as an integer sub-multiple of the reference period while preventing the inter-

polation effects from appearing at the output.

72



1]

[6]

REFERENCES

R. C. N. Pilawa-Podgurski and D. J. Perreault, “Merged two-stage power
converter with soft charging switched-capacitor stage in 180nm CMOS,”
IEEFE Journal of Solid-State Circuits, vol. 47, no. 7, pp. 1557-1567, July
2012.

I. Hong, D. Kirovski, Gang Qu, M. Potkonjak, and M. B. Srivastava,
“Power optimization of variable-voltage core-based systems,” [IFEFE
Transactions on Computer-Aided Design of Integrated Circuits and Sys-
tems, vol. 18, no. 12, pp. 1702-1714, 1999.

M. P. Chan and P. K. T. Mok, “A monolithic digital ripple-based
adaptive-off-time dc-dc converter with a digital inductor current sen-
sor,” IEEE Journal of Solid-State Clircuits, vol. 49, no. 8, pp. 18371847,
2014.

A. Paidimarri, D. Griffith, A. Wang, G. Burra, and A. P. Chandrakasan,
“An RC oscillator with comparator offset cancellation,” IEEE Journal
of Solid-State Clircuits, vol. 51, no. 8, pp. 1866—-1877, Aug 2016.

N. Pal, A. Fish, W. Mclntyre, N. Griesert, G. Winter, T. Eichhorn,
R. Pilawa-Podgurski, and P. K. Hanumolu, “A 91.15% efficient 2.3-5-v
input 10-35-v output hybrid boost converter for led-driver applications,”
IEEE Journal of Solid-State Circuits, pp. 1-1, 2021.

Y. Wang, J. M. Alonso, and X. Ruan, “A review of LED drivers
and related technologies,” IEEFE Transactions on Industrial Electron-
1cs, vol. 64, no. 7, pp. 5754-5765, July 2017.

LM36923 Highly efficient triple-string white LED driver, Texas Instru-
ments, March 2015, rev. October 2016.

TPS61181A White-LED Driver for Notebook Display, Texas Instru-
ments, February 2011, rev. September 2016.

M. D. Seeman, V. W. Ng, H. Le, M. John, E. Alon, and S. R. Sanders, “A
comparative analysis of switched-capacitor and inductor-based DC-DC

conversion technologies,” in 12th Workshop on Control and Modeling for
Power Electronics (COMPEL), 2010, pp. 1-7.

73



[10]

[11]

[12]

[16]

[17]

M. D. Seeman and S. R. Sanders, “Analysis and optimization of
switched-capacitor DC-DC converters,” IEEE Transactions on Power
Electronics, vol. 23, no. 2, pp. 841-851, 2008.

W. Liu, P. Assem, Y. Lei, P. K. Hanumolu, and R. Pilawa-Podgurski,
“A 94.2%-peak efficiency 1.53A direct battery hook-up hybrid dickson
switched-capacitor DC-DC converter with wide continuous conversion

ratio in 66nm CMOS,” in International Solid-State Circuits Conference
(ISSCC), February 2017, pp. 182-183.

Y. Lei, W. Liu, and R. C. N. Pilawa-Podgurski, “An analytical method
to evaluate and design hybrid switched-capacitor and multilevel con-

verters,” IEEE Transactions on Power Electronics, vol. 33, no. 3, pp.
2227-2240, March 2018.

S. Marconi, G. Spiazzi, A. Bevilacqua, and M. Galvano, “A novel in-
tegrated step-up hybrid converter with wide conversion ratio,” IEEE
Transactions on Power Electronics, vol. 35, no. 3, pp. 2764-2775, 2020.

M. Huang, Y. Lu, T. Hu, and R. P. Martins, “A hybrid boost converter
with cross-connected flying capacitors,” [FEE Journal of Solid-State
Circuits, pp. 1-1, 2020.

N. Pal, A. Fish, W. Mclntyre, N. Griesert, G. Winter, T. Eichhorn,
R. Pilawa-Podgurski, and P. K. Hanumolu, “A 91% efficient 30V hybrid
boost-SC converter based backlight LED driver in 180nm CMOS,” in
Custom Integrated Circuits Conference (CICC), 2020, pp. 1-4.

R. W. Erickson and D. Maksimovic, Fundamentals of Power Electronics.
Springer, 2001.

M. Rodriguez, A. Rodriguez, P. F. Miaja, D. G. Lamar, and J. S. Zuniga,
“An insight into the switching process of power MOSFETs: An im-
proved analytical losses model,” IEEFE Transactions on Power Electron-
ics, vol. 25, no. 6, pp. 1626-1640, 2010.

Y. Xiong, S. Sun, H. Jia, P. Shea, and Z. John Shen, “New physical
insights on power MOSFET switching losses,” IEEE Transactions on
Power Electronics, vol. 24, no. 2, pp. 525-531, 2009.

W. Eberle, Z. Zhang, Y. Liu, and P. C. Sen, “A practical switching
loss model for buck voltage regulators,” IEFE Transactions on Power
FElectronics, vol. 24, no. 3, pp. 700-713, 2009.

J. Fu, Z. Zhang, Y. Liu, and P. C. Sen, “MOSFET switching loss model
and optimal design of a current source driver considering the current
diversion problem,” IEEE Transactions on Power FElectronics, vol. 27,
no. 2, pp. 998-1012, 2012.

74



[21]

[22]

[26]

[27]

28]

[29]

[31]

[32]

[33]

Y. Ren, M. Xu, J. Zhou, and F. C. Lee, “Analytical loss model of power
MOSFET,” IEEE Transactions on Power Electronics, vol. 21, no. 2, pp.
310-319, 2006.

J. Wang, H. S. Chung, and R. T. Li, “Characterization and experimental
assessment of the effects of parasitic elements on the MOSFET switching
performance,” IEEE Transactions on Power Electronics, vol. 28, no. 1,
pp- 573-590, 2013.

J. Klein, “Synchronous buck MOSFET loss calculations with Excel
model,” Appl. note AN-6005, Fairchild Semicond. version 1.0.1, 2006.

G. Lakkas, “MOSFET power losses and how they affect power-supply
efficiency,” Analog Applications Journal, 2016.

J. Gareau, R. Hou, and A. Emadi, “Review of loss distribution, analysis,
and measurement techniques for GaN HEMTs,” IEEE Transactions on
Power Electronics, vol. 35, no. 7, pp. 7405-7418, 2020.

C. P. Steinmetz, “On the law of hysteresis,” Proceedings of the IEEE,
vol. 72, no. 2, pp. 197-221, 1984.

C. I. de I'Eclairage, Colorimetry, Second FEdition. CIE Publication,
1986.

M. Evzelman and S. Ben-Yaakov, “Average modeling technique for
switched capacitor converters including large signal dynamics and small
signal responses,” in International Conference on Microwaves, Commu-
nications, Antennas and Electronic Systems (COMCAS), 2011, pp. 1-5.

S. Ben-Yaakov and M. Evzelman, “Generic average modeling and sim-
ulation of the static and dynamic behavior of Switched Capacitor Con-
verters,” in Twenty-Seventh Annual IEEE Applied Power Electronics
Conference and Exposition (APEC), 2012, pp. 2568-2575.

Z. Liu, L. Cong, and H. Lee, “Design of on-chip gate drivers with
power-efficient high-speed level shifting and dynamic timing control for
high-voltage synchronous switching power converters,” IEEE Journal of
Solid-State Circuits, vol. 50, no. 6, pp. 1463-1477, June 2015.

Output Short-Clircuit Protection Reference Design for the TPS61088
Boost Converter, Texas Instruments, June 2016, rev. June 2016.

C. F. Lee and P. Mok, “A monolithic current-mode cmos dc-dc converter
with on-chip current-sensing technique,” IEEE Journal of Solid-State
Circuits, vol. 39, no. 1, pp. 3—14, 2004.

LM36274 Four-channel LCD backlight driver with integrated bias power,
Texas Instruments, February 2016, rev. March 2018.

75



[34]

[35]

[36]

[39]

[40]

[41]

[43]

[44]

E. Dallago, M. Passoni, and G. Sassone, “Lossless current sensing in
low-voltage high-current dc/dc modular supplies,” IEEE Transactions
on Industrial Electronics, vol. 47, no. 6, pp. 1249-1252, 2000.

D. A. Ortiz and N. G. Santiago, “High-level optimization for low power
consumption on microprocessor-based systems,” in 2007 50th Midwest
Symposium on Clircuits and Systems, 2007, pp. 1265-1268.

Know wyour limits, Texas Instruments, 2016. [Online|. Available:
https://www.ti.com/lit/an/snva736 /snva736.pdf 7ts=1610832980422&
ref_url=https\%253A\ %252F\ %252F www.google.com\ %252F

H. P. Forghani-zadeh and G. A. Rincon-Mora, “An accurate, continuous,
and lossless self-learning cmos current-sensing scheme for inductor-based
dc-de converters,” IEFEE Journal of Solid-State Circuits, vol. 42, no. 3,
pp- 665-679, 2007.

V. Michal, “Absolute value, 1% linear and lossless current-sensing circuit
for the step-down dc-dc converters with integrated power stage,” IFEFE
Journal of Solid-State Circuits, vol. 49, no. 5, pp. 1256-1270, 2014.

C. F. Lee and P. Mok, “A monolithic current-mode cmos dc-dc converter
with on-chip current-sensing technique,” IEEE Journal of Solid-State
Circuits, vol. 39, no. 1, pp. 3—14, 2004.

M. Z. Straayer and M. H. Perrott, “A 12-bit, 10-mhz bandwidth,
continuous-time ¢ adc with a 5-bit, 950-ms/s vco-based quantizer,”
IEEE Journal of Solid-State Circuits, vol. 43, no. 4, pp. 805-814, 2008.

Y. Tsai and L. Lu, “A 51.3-MHz 21.8-ppm/° CMOS relaxation oscillator
with temperature compensation,” IEEE Transactions on Circuits and
Systems II: Express Briefs, vol. 64, no. 5, pp. 490-494, May 2017.

Y. Tokunaga, S. Sakiyama, A. Matsumoto, and S. Dosho, “An on-chip
CMOS relaxation oscillator with power averaging feedback using a refer-
ence proportional to supply voltage,” in 2009 IEEFE International Solid-
State Chircuits Conference - Digest of Technical Papers, Feb 2009, pp.
404-405,405a.

J. Wang, W. L. Goh, X. Liu, and J. Zhou, “A 12.77-mhz 31 ppm/°c
on-chip rc relaxation oscillator with digital compensation technique,”
IEEFE Transactions on Circuits and Systems I: Regular Papers, vol. 63,
no. 11, pp. 1816-1824, Nov 2016.

D. Griffith, P. T. Rgine, J. Murdock, and R. Smith, “17.8 a 190nw 33khz
rc oscillator with +0.21% temperature stability and 4ppm long-term
stability,” in 2014 IEEE International Solid-State Circuits Conference
Digest of Technical Papers (ISSCC), Feb 2014, pp. 300-301.

76



[45]

[46]

[47]

B. R. Gregoire and U. Moon, “Process-independent resistor
temperature-coefficients using series/parallel and parallel /series com-
posite resistors,” in 2007 IEEE International Symposium on Clircuits
and Systems, May 2007, pp. 2826-2829.

Y. Lu, G. Yuan, L. Der, W. Ki, and C. P. Yue, “A +0.5% precision on-
chip frequency reference with programmable switch array for crystal-less
applications,” IEEFE Transactions on Circuits and Systems II: Express
Briefs, vol. 60, no. 10, pp. 642-646, Oct 2013.

J. A. Barnes, A. R. Chi, L. S. Cutler, D. J. Healey, D. B. Leeson, T. E.
McGunigal, J. A. Mullen, W. L. Smith, R. L. Sydnor, R. F. C. Vessot,
and G. M. R. Winkler, “Characterization of frequency stability,” IFEFE

Transactions on Instrumentation and Measurement, vol. IM-20, no. 2,
pp. 105-120, May 1971.

K. Hsiao, “A 32.4 ppm/°c 3.2-1.6v self-chopped relaxation oscillator
with adaptive supply generation,” in 2012 Symposium on VLSI Circuits
(VLSIC), June 2012, pp. 14-15.

S. Jeong, I. Lee, D. Blaauw, and D. Sylvester, “A 5.8 nw cmos wake-
up timer for ultra-low-power wireless applications,” IFEE Journal of
Solid-State Circuits, vol. 50, no. 8, pp. 1754-1763, Aug 2015.

A. Savanth, J. Myers, A. Weddell, D. Flynn, and B. Al-Hashimi, “5.6
a 0.68nw/khz supply-independent relaxation oscillator with +0.49% /v
and 96ppm/°c stability,” in 2017 IEEE International Solid-State Cir-
cuits Conference (ISSCC), Feb 2017, pp. 96-97.

77



